
BRNO UNIVERSITY OF TECHNOLOGY

Faculty of Electrical Engineering
and Communication

DOCTORAL THESIS

Brno, 2017 Ing. Michal Mrnka



BRNO UNIVERSITY OF TECHNOLOGY
VYSOKÉ UČENÍ TECHNICKÉ V BRNĚ

FACULTY OF ELECTRICAL ENGINEERING AND
COMMUNICATION
FAKULTA ELEKTROTECHNIKY
A KOMUNIKAČNÍCH TECHNOLOGIÍ

DEPARTMENT OF RADIO ELECTRONICS
ÚSTAV RADIOELEKTRONIKY

PERFORATED DIELECTRICS AND HIGHER-ORDER MODE
DIELECTRIC RESONATOR ANTENNAS
PERFOROVANÁ DIELEKTRIKA A DIELEKTRICKÉ REZONÁTOROVÉ ANTÉNY S VYŠŠÍMI MÓDY

DOCTORAL THESIS
DIZERTAČNÍ PRÁCE

AUTHOR
AUTOR PRÁCE

Ing. Michal Mrnka

SUPERVISOR
ŠKOLITEL

prof. Dr. Ing. Zbyněk Raida

BRNO 2017



ABSTRACT
The thesis deals with the excitation of higher-order modes in the rectangular and cylin-
drical dielectric resonator antennas for gain enhancement purpose. The properties and
limitations of the antenna elements are studied numerically. Mutual coupling between the
higher-order mode dielectric resonators is examined and the results prove the elements
to be suitable for antenna array applications. For perforated dielectrics, an analytical
model of effective permittivity that respects its anisotropic properties is proposed. The
model is based on the Maxwell Garnett approximation of inhomogeneous media. Surface
waves on perforated substrates are then studied and the validity of the analytical model
is verified also in this case. The dielectric resonator antennas embedded in perforated
substrates are studied and certain degradations in antenna properties are pointed out.

KEYWORDS
dielectric resonator antenna, directive antenna, mutual coupling, higher-order mode,
perforated dielectrics

ABSTRAKT
Práce se zabývá buzením vyšších módů v kvádrových a válcových dielektrických rezoná-
torových anténách pro účely zvýšení zisku. Pomocí numerických simulací jsou studovány
vlastnosti a limity anténních prvků. Je zkoumáná vzájemní vazba mezi dielektrickými
rezonátorovými anténami pracujícími s vyššími vidy a na základě výsledků je možno
usuzovat o vhodnosti těchto prvků k popužití v anténních řadách. V práci je popsán an-
alytický model efektivní permitivity perforovaných dielektrik, který respektuje anizotropní
povahu tohoto materiálu. Model je založen na Maxwell Garnettové aproximácií neho-
mogenních materiálů. Dále jsou studovány povrchové vlny na perforovaných substrátech
a je ověřena použitelnost teoretického modelu i v tomto případě. Nakonec jsou studovány
dielektrické rezonátorové antény vytvořené pomocí perforací v dielektrickém substrátu a
je demonstrováno zhoršení určitých vlastností takových antén.
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Introduction

The first dielectric resonator antenna (DRA), proposed by Long et. al. in 1980s,
showed that if the dielectric resonator, well known from microwave circuits, is excited
with an appropriate electromagnetic mode, the resonator can become an antenna
with very high radiation efficiency and some other unique characteristics even if high
dielectric constant material is used for its fabrication.

To list some of the advantages we can mention for example high radiation effi-
ciency, compact size, ease of excitation and a relatively large impedance bandwidth
when compared to other resonant antenna elements. Very important design param-
eter which influences all the properties of the DRA is the dielectric constant of the
resonator. In the last decade new ceramic materials with very high 𝜀r (above 100)
and with very low dielectric losses even deep in the millimeter wave regions became
available. Very compact devices can be built from high dielectric constant mate-
rials; on the other hand their bandwidth is inversely proportional to the dielectric
constant value. Hence the most compact designs often suffer from very narrowband
operation bandwidth. Moreover, the fabrication process required for building the
DRAs is in general more complex compared to other elements such as microstrip
antennas. Increased costs are thus result of the more complex fabrication if small
volume manufacturing is in question. Nevertheless, in the high volume production
the costs can be significantly reduced.

One very promising application area for dielectric resonator antennas is their de-
ployment at millimeter or even at sub-millimeter wave frequency bands. Their main
advantages over the other more conventional elements are their very low conduction
losses and the immunity from surface wave excitation. With today’s dielectric ma-
terials, the overall losses of the antennas can therefore be kept at very reasonable
levels. However, the usage of dielectric materials in antenna design in the millimeter
wave and terahertz frequency regions is nothing new; dielectric lenses have been
probably the most widely used terahertz antenna elements, but only a few resonat-
ing elements from dielectrics has been proposed to operate at such high frequencies
so far.

In the last 30 years, many properties of the dielectric resonator antennas have
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Introduction

been studied and understood. New techniques for increasing the bandwidth, intro-
ducing multiple resonances, minimizing the dimensions etc. have been proposed. If
the higher gain of the antenna was required, it was necessary to use a DRA array
with element number based on the desired gain. Only recently the gain increase of
the single radiating element became of interest.

Chapter 1 of this thesis describes the current state-of-the-art in the area of di-
electric resonator antennas (DRA), DRA arrays and perforated DRAs. We discuss
the basics of the DRAs, their basic shapes and feeding schemes, their resonant be-
havior and the electromagnetic modes that can be generated within the resonators.
Two different approaches to increase the gain of the single element DRA are dis-
cussed. We follow by summarizing the research results in the area of DRA arrays
and we focus primarily on the mutual coupling between two DRA elements. The
third sub-area discussed in this thesis is an advanced manufacturing technique for
DRA fabrication based on the perforated microwave substrates.The objectives of
the dissertation thesis are presented in Chapter 2. Chapters 3, 4, and 5 present the
core of this thesis and they deal with the higher-order (HO) modes for gain enhance-
ment, mutual coupling between HO mode DRA elements and with the perforated
dielectrics and perforated DRAs, respectively.

10



Chapter 1

State of the Art

Brief introduction into the field of dielectric resonator antennas (DRAs) is given in
this chapter. The focus is drawn to the various electromagnetic modes that can
be created inside the resonator and their corresponding radiation patterns. Next,
two strategies to increase the gain of a single element DRA are discussed and their
advantages and disadvantages are pointed out. Next, we give a summary of current
state of the art in the DRA array analysis and design as well as in the perforated
dielectrics and perforated DRA design.

1.1 Dielectric Resonator Antennas

Until 1980s the dielectric resonators with high quality factors Q had been used
as circuit elements in microwave filters and oscillators designs only [1–3] but the
utilization of the electromagnetic (EM) fields escaping the resonator was firstly
proposed by Long. et. at in 1982 [4]. Ever since then, the interest of researchers
in this type of the new antenna element has grown rapidly and the number of
publications dedicated to the DRA field still grows annually. Very good reference
materials on the nowadays broad area of DRAs can be found in [5–8]. Application
oriented review of the current state of the art can be found in recently published
article [9].

The operation of the DRA is based on the excitation of the proper electromag-
netic (EM) mode inside the dielectric resonator. If the relative permittivity of the
resonator is reduced as compared to the resonators in the microwave circuits, it is
easier for EM radiation to escape the resonator; thus the relative permittivity lies
mostly between 5 and 30 , if the resonator is to be used as an efficient radiator.
Three main shapes of the resonators have been studied analytically and experimen-
tally (i.e. cylindrical [4], rectangular [10] and hemispherical [11, 12]), but other
shapes based on notches [13], combination of the shapes, stacking up the resonators
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Chapter 1: State of the Art

[14, 15] etc. have been proposed in order to improve the performance of the simple
shaped DRAs. Moreover, introducing inhomogeneity [16], [17] and anisotropy [18–
20] has also revealed certain improvement in the DRA performance mostly in the
terms of the input impedance and the directivity. Combination of the anisotropic
structure and the higher-order mode excitation inside a DRA has been presented
recently in [21].

Although, the DRA can be excited by a plethora of excitation schemes [5] the
most frequently used solution is the excitation by an aperture coupled microstrip line
[22]. This solution provides symmetrically placed excitation, reasonable bandwidth
and simple fabrication. In certain applications DRA feeding by an aperture in a
Surface Integrated Waveguide (SIW) might be more advantageous [23]. Even half-
mode SIW has been already used to excite the DRAs [24].

The simplest analytical method to analyze the DRA behavior is based on the
magnetic wall model [1], [4], [5]. In the model, all the air-dielectric interfaces are
considered perfect magnetic conductors (PMC) and the eigenmode problem is then
solved for the dielectric cavity. Results of this approach are the resonant frequencies
and field distributions of the individual modes. By knowing the electric field distri-
bution of the particular mode, we can derive its approximate radiation pattern by
calculating the magnetic currents flowing on the walls considering the component of
the electric field tangential to the wall surface. Then the antenna radiation pattern
is directly determined by the far field transformation of the magnetic currents. The
similarity of the DRA analysis with the aperture antennas analysis [25] is obvious.

It must be emphasized that the magnetic wall model is only approximate and
its applicability is determined by the difference of the dielectric constants of the
resonator and its surrounding. In other words, this approach does not take radiation
losses into account; hence it can give considerable errors if the resonator is used as
an antenna element. Nevertheless, even in the antenna applications, the model can
provide very good first approximation of the required results [4]. The advantage of
the magnetic wall model is that the structure is analyzed only with respect to the
field distributions, i.e. the coupling mechanism is not part of the analysis and the
design of the resonator and the feeding scheme can be separated at the early stage
of the design process.

1.2 Electromagnetic Modes in Dielectric Resona-
tors

A dielectric resonator can resonate with infinite number of modes, but for a specific
combination of material properties, dimensions and operating frequency only a finite
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Chapter 1: State of the Art

number of potentially existing modes is allowed to be excited.
A simple cylindrical DRA is in the majority of cases excited either with the

transverse magnetic TM01𝛿 (also designated as TM011) mode providing vertical elec-
tric dipole-like radiation pattern or with the hybrid electromagnetic HEM11𝛿 (also
known as HEM111) mode which provides radiation pattern similar to the horizontally
placed magnetic dipole [5],[8]. Equivalent modes with analogous radiation patterns
can be excited in the rectangular DRA as shown in [5] and [26].

Nevertheless, in the last decade, many higher-order modes have been identified
and successfully excited. In particular, Avadanei et al. in [27] and [28] showed
which modes can be excited in a cylindrically shaped DRA of high dielectric con-
stant 𝜀r=82.7 in case the resonator was fed by a centrally placed and off center
placed slot in the ground plane. The resonant frequencies, radiation patterns and
efficiencies of these modes were discussed and compared. Provided the modes are
spaced closely in the frequency spectrum and show similar radiation patters and if
lower dielectric material is used for the antenna construction, the wideband opera-
tion can be achieved for increasing the antenna impedance bandwidth. In this case,
the higher-order mode/modes is/are excited in addition to the low-order mode. For
example a DRA described in [29] operated with two hybrid modes TE𝛿11 (sometimes
designated as TE111) and TE𝛿13 (TE113) over an impedance bandwidth exceeding 40
%.

Multiband operation can be achieved if the modes are further away in the fre-
quency spectrum; by adjusting the geometry of the resonator and/or the excitation
scheme multiple modes can be excited at different frequencies of interest. If an
omnidirectional radiation pattern is desired at two various frequencies, the lower
frequency can be covered with TM011 mode of a cylindrical resonator and the higher
frequency with the TM012 mode of the same resonator. Such a design was presented
by Yong et al. in [30] and the antenna was able to cover the 3.5 GHz WiMAX and
the 5.8 GHz WLAN bands with similar omnidirectional radiation patterns. Dual
band DRA antennas based on the dual mode operation with broadside radiation
patterns were analyzed by Fang in his doctoral thesis [31]. Fang focused mainly
on the rectangular DRAs operating with the TE111 and TE113 modes and he pro-
posed design formulas for calculation of the dual band DRA dimensions in case
the operating frequency, dielectric constant and dimension rations were given [32].
A cylindrical DRA with dual band operation and a broadside radiation pattern in
both frequency bands was developed by Sun and Leung in [33]. They used a cylin-
drical resonator operating in the HEM111 and HEM113 modes to provide broadside
radiation patterns at 1.8 GHz and 2.4 GHz.

Multiband operation can be also used with modes providing different radiation
patters and resonating at different frequencies (with different polarizations) like in
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Chapter 1: State of the Art

[34]. In this paper, a cylindrical DRA with circularly polarized broadside radiation
pattern and a linearly polarized omnidirectional radiation pattern was designed. The
broadside circularly polarized radiation pattern was generated by two orthogonal
HEM11𝛿 modes at 1.575 GHz (GPS L1 carrier) and the omnidirectional linearly
polarized radiation pattern was generated by TM01𝛿 mode at 2.45 GHz (WLAN).

Stand alone utilization of the higher-order modes in DRAs was proposed only
recently with the main motivation being the increase of the DRA gain. On the
contrary, the multiband/wideband structures utilized the higher-order modes in ad-
dition to the low-order modes. Nevertheless, the antennas working exclusively with
the higher order mode suffer mostly from relatively narrow impedance bandwidth.
However, no research focusing on the increase of the bandwidth of these anten-
nas has been documented so far. Another unexplored research directions are the
generation of the circular polarization in this radiators by techniques known from
conventional DRA design and the utilization of the high gain DRA elements in the
array antennas. Studies of mutual coupling between antenna elements operating
with higher order modes are lacking; such studies are important since they must
precede the effective DRA antenna array design [8], [35].

Dielectric resonator antennas are in general considered advantageous at mil-
limeter wavelengths [24, 36–39] compared to metallic resonant radiators such as
microstrip antennas due to the higher impedance bandwidth and higher radiation
efficiency; according to the [40] the radiation efficiency of a DRA is about 15%
higher than the efficiency of a microstrip antenna at 35 GHz. Besides introducing
the multiband/wideband operation and increasing the gain, the higher-order modes
can be utilized for millimeter-wave antenna design. Micromachining techniques can
be used to fabricate small resonators operating at mm-wave bands with high ac-
curacy as shown in the on-chip 60 GHz antenna design presented in [41]. Low
Temperature Co-firec Ceramics technology was used for design presented in [42] to
build a 4 by 4 antenna array operating in 60 GHz band. Both linear and circular
polarization half-mode SIW fed 60 GHz DRAs were successfully designed in [24].

To support a higher-order mode the structure must be geometrically larger than
a structure operating with the low order mode; such a larger structure might be
easier to fabricate. Two antennas based on this idea were proposed by Pan, Leung
and Luk in [43]. The antennas used TE115 and TE119 modes in a rectangular DRA
with the operating frequency 24 GHz. Enhanced gain on-chip DRA for D-band
(135 GHz) utilizing half-mode cavity feeding structure was presented in [44]; the
peak measured realized gain was only about 7.5 dBi.

There have been published several designs showing successful utilization of DRA
elements as single element radiators and also as reflectarrays in terahertz bands
[45–47]. Interesting design, in which the DRA element was used as a director of
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quasi Yagi-Uda 340 GHz on-chip antenna [48] resulted in 10 dBi gain and radiation
efficiency of 80%. The antenna was designed in 0.13𝜇𝑚 SiGe BiCMOS technology.
After substitution of the metallic ground plane with more convenient full dielectric
structures due to plasmonic losses, the DRAs seem to be usable even in the optical
regime; the work [49] shows designs at 474 THz frequency. More information on
scalability of DRAs to optical region and on optical nano-antennas can be found in
[50] and [51].

1.3 Gain Enhancement of a Single Element DRA

A cylindrically shaped resonator, operating with the low-order hybrid electromag-
netic mode HEM111 placed above a sufficiently large ground plane, is probably the
most frequently used DRA configuration [4]. This mode generates a broadside ra-
diation pattern with linear polarization and a gain of about 5 dBi.

Several approaches have been suggested to increase the gain of the DRAs. Ar-
raying of single element DRAs [8] is probably the most versatile method in which
the gain value can be directly controlled by the number of elements in the array.
Nevertheless, increased size, complexity and costs of the resultant antenna are the
main disadvantages.

Altering a single element DRA can be used in cases, where medium gains up
to around 10 dBi are sufficient. In general, two tactics to increase the gain of
the single element DRA exist. First, additional structures can be placed in the
vicinity of the resonator operating in the low order mode thus forming a more
geometrically complex structure. In the second approach, the gain boost is provided
by the introduction of higher order modes into the simple shape dielectric resonator.

The gain enhancement of a single resonator DRA is a relatively new approach,
the first research papers dealing with this topic were published during the year 2004.

The first approach, which utilizes the DRA operating in the low-order mode
(mostly the HEM111 mode of the cylindrical resonator) and its radiation character-
istics are changed by introducing additional structures/elements in its close vicinity.
During experimentations with the stacked DRA structures [14, 15] certain possibil-
ity to alter the antenna gain was discovered. First systematic design of a directive
DRA based on this technique was demonstrated in [52] where the DRA operating
in the low-order mode was extended by additional resonators to form a structure
resembling a Yagi-Uda antenna. The achieved gains were 7.8 dBi and 8.7 dBi cor-
responding to the two (i.e. one active element and one director) and three element
structure (one active element and two directors), respectively. Nevertheless, the
antennas were not fabricated and all the results corresponded to the simulations.
Nasimuddin and Eselle used a shape modification of the DRA ground plane [53]; the
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ground plane was altered into the shape of a surface mounted short horn increasing
the gain of the DRA to 9.8 dBi at 5.95 GHz with 10 dB return loss bandwidth
of 3.2%. Mushroom-like electromagnetic bandgap (EBG) structure with a circular
symmetry was used in [54] to enhance the gain of a cylindrical DRA to about 8.3 dBi.
Particularly, the rectangular hybrid DRA antenna based on a superstrate described
in [55] provided peak gain of 14.44 dBi and gain above 11 dBi in the complete ISM
band at 60 GHz. Circularly polarized aperture copuled DRA operating at 31 GHz
with frequency selective surface based superstrate layer for gain enhancement was
proposed with in [56] with maximum gain of 15.5 dBi.

It should be mentioned that a higher complexity and an increased size are the
common disadvantages of the directive DRA antennas based on this approach.

An alternative to the above described approach is to excite a suitable higher
order mode in the single element DRA. Some of the modes documented over the
last years exhibit relatively high radiation efficiencies with the gain up to about
10 dBi. The obvious advantages are the more compact dimensions and considerably
reduced complexity of the final antenna; on the other hand, narrower impedance
bandwidth is the main shortcoming.

The second strategy utilizes the higher-order radiating modes in a single di-
electric resonator. This approach has already been adopted in both rectangular and
cylindrical DRAs. Petosa and Thirakoune in [57] and [58] showed that a DRA based
on higher-order TE113 and TE115 modes in a rectangular resonator can achieve gains
of 8.2 dBi and 10.2 dBi, respectively. The structure operating in TE115 mode [58]
required a maximum resonator dimension of about 1.1𝜆0 when built from dielectric
material with relative permittivity 𝜀r = 10, where 𝜆0 is the free space wavelength.
Guha et al. [59–61] managed to excite higher-order HEM12𝛿 mode in a cylindrical
resonator by introducing an air-filled cavity in the ground plane below the resonator.
This way, peak gain of about 10 dBi was achieved but only in a relatively narrow
impedance bandwidth.

Despite the reduced impedance bandwidth, the DRAs based on the second ap-
proach seem to be suitable for array applications. However, no DRA array design
based on these structures has been proposed in the open literature so far.
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1.4 Mutual Coupling in DRA Arrays

In general, mutual coupling among array elements can be responsible for radiation
pattern distortions as well as for gain reduction that cannot be predicted by an array
factor and pattern multiplication principle. Such distortions can be present in case
of both, receiving and transmitting mode of the antenna array [25]. Moreover, it can
alter the input impedance of array elements (and also introduces mutual impedance)
and thus cause impedance mismatch at the element terminals. The coupling level is
influenced by the properties of single elements (directivity, sidelobes etc.), feeding
network and last, but not least, by the separation distance between the neighboring
elements. In the most designs of DRA arrays, the separation distance between
two elements lies between 0.5𝜆0 and 1𝜆0. Since the coupling level is proportional
to the separation distance, very simple solution to eliminate it is to increase the
separation between the elements. Even though, we are able to minimize all the
negative effects of mutual coupling with this solution, the inter-element separation
has also influence on the generation of grating lobes and hence large separations
are impractical if the large sidelobe levels are to be avoided. The selection of the
separation distance is therefore a tradeoff between small mutual coupling and good
side lobe level performance.

Mutual coupling between two DRAs was studied for the first time in [62]. The
authors theoretically derived the mutual impedances and calculated mutual coupling
for two hemispherical dielectric resonators operating in broadside TE111 mode and
fed by a probe. Since hemispherical DRA is the only shape for which analytical
field solution exists, mutual coupling between rectangular and cylindrical DRAs
has been studied only numerically and experimentally in numerous papers, where
authors used either short current probe [63–66] or more frequently an aperture [67–
71] for feeding the dielectric resonators. In this way, it was possible to account
for other coupling mechanisms, most importantly the direct coupling between feeds
of the resonators. In all the works, the resonators were excited with fundamental
broadside radiated modes, i.e. HEM111 for cylindrical resonators and TE111 in case of
rectangular resonators. Several techniques have already been proposed to decrease
the mutual coupling among the array elements, these methods mostly work with
some sort of metasurfaces [72] or defected ground plane [73].

The results of the literature investigations can be roughly generalized as follows.
The coupling in the H-plane of the resonators is stronger, if the element spacing is
smaller than approximately 0.5𝜆0. With increasing the spacing, the E-plane coupling
becomes stronger as it decays with spacing more steadily. At spacing 0.5𝜆0 the
transmission coefficient between two cylindrical aperture-fed dielectric resonators
(𝜀r ≈ 10) is approximately about -12 dB in the E-plane and about -15 dB in the
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H-plane [67, 68, 70]. At 1𝜆0 spacing we can expect, for the same resonators, the
transmission coefficient of about -20 dB in the E-plane and about -30 dB in the
H-plane [67, 68]. In case of probe-fed resonators [64] with separation distance 0.5𝜆0

the transmission between resonators in their E-plane is -11.4 dB and in the H-plane
-15.5 dB according to [64]. At spacing 1𝜆0 the transmission coefficient decreases to
-17.8 dB for E-plane and -28.0 dB for the H-plane.

Since the introduction of the DRAs as array elements, plethora of papers devoted
to research and development of DRA arrays has been published, concerning various
shapes of the resonators and various feeding schemes, such as apertures, direct
microstrip lines, waveguides, substrate integrated waveguides and dielectric image
guides ranging from radio up to terahertz frequencies operating with linear and
circular polarization. For several interesting examples see e.g. [5, 7, 38, 42, 45, 74–
77].

1.5 Perforated Dielectrics

One of the main reasons why DRAs are not more widely used in the design of
(sub-)mm wave antennas and arrays is the complexity of fabrication and mechan-
ical adjustment of individual elements on the correct positions. This problem is
even more pronounced if large arrays consisting of hundreds or even thousands of
elements are to be assembled. One of the potential solutions is to utilize perfora-
tions in classical microwave substrates. The DRA element is created in the volume
without the perforation (island of unperforated dielectrics), whereas the part of the
substrate with perforations (air filled holes of certain radius and period) acts as a
low permittivity material surrounding the resonator, which in best case is air.

The perforations in substrates as means of relative permittivity reduction were
successfully used in microstrip antenna design [78] to suppress the surface wave
propagation on thick dielectric substrates with large relative permittivities. The
main negative effects of surface waves are gain reduction and ripples in radiation
pattern due to diffraction of the energy at the substrate edges.

The perforations can also serve as Electromagnetic Band Gap (EBG) structures
if the period and diameter of perforations is comparable to the wavelength at given
frequency. Such application was proposed in e.g. [79] and [80]. Again, the pur-
pose was to suppress the surface wave propagation in high permittivity dielectric
substrates. Nevertheless, the surface waves are in this case suppressed also by the
reduced effective relative permittivity. Moreover, for antenna array applications,
this technique is not suitable due to considerable size of the perforations.

The same concept of using perforations to control the effective permittivity was
deployed by Patrovsky and Wu in [81] and [82] for design of so-called Substrate
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Integrated Image Guide (SIIG). The SIIG is a variation on standard dielectric image
guide [83–85] with improved fabrication precision, design flexibility and with lower
assembly costs.

In [86], the authors proposed linearly tapered slot antennas for 30 GHz and
94 GHz bands on synthesized low permittivity substrate. To lower the permittivity,
air perforations were used. Another interesting design was introduced by Patrovsky
and Wu in [87]. In the paper, a planar dielectric rod antenna formed on the same
layer with SIIG feeding [82] was proposed for 94 GHz band. Another SIIG fed
antenna array for 94 GHz band directly integrated on semiconductor wafer was
presented in [88]. Recently, Mondal and Wu published a paper [89] describing a
leaky wave antenna based on dielectric layer with periodic perforations and fed by
SIIG covering 96 – 108 GHz frequency band. Review article [90] summarizes the
substrate integrated image lines and their variations as well as devices based on
them.

The perforated single element DR antenna was firstly described by Petosa, It-
tipiboon and Thirakoune in [91]. The authors then extended the concept for larger
two-dimensional array antennas in [92] and [5]. Comparison between performance
of perforated DRA array and patch antenna array of the same size at frequency
24.5 GHz can be found in [93]. The DRA array provided about 1 dB higher gain
and 22 % larger impedance bandwidth with the same number of array elements.

Utilization of air perforations in single element as well as in array DRA design
became rather popular since its introduction. Zhang and Kishk in [94] deployed
perforated dielectric rods to keep the DRA elements properly aligned at 10 GHz
frequency. In their design, the perforated dielectric layer did not fill all the space
among the elements, but only narrow single-hole thick rods were used. Furthermore,
Kishk et al. in [95] used several rings of different size perforations to increase
impedance bandwidth of single element circular, probe-fed DRA to almost 27 %.
Hybrid dual frequency, two port antenna for 5.2 and 24 GHz bands with excellent
isolation was proposed by Sun and Leung in [96]. The authors used slot for radiation
in 5 GHz band and substrate integrated DRA element, using air perforations and
metalized vias. Successful application of perforations was utilized in [97] for an array
of recently proposed dense dielectric patch antennas [98] operating at 60 GHz.

In [99], a single substrate layer DRA based on perforations was fed by a substrate
integrated waveguide (two-layer structure) at 35 GHz, however, the authors did
not give any credit to any of the work described in this chapter, and the original
contribution of their paper was questionable.

Another application in which perforated dielectrics are used is the area of reflec-
tarrays and transmitarrays. In [100] wideband single dielectric layer transmitarray
of perforations with varying period and size was described. The antenna was opti-
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mized for X-band with peak gain approximately 27 dBi. In the paper, the authors
designed a reflectarray based on the same principle. In case of the reflectarray, the
gain was increased to 28 dBi; however, -1 dB gain bandwidth was reduced from 35.5
% to only about 7.5 %. Another reflectarray design based on perforated dielectric
substrate was proposed in [101]. Again, the authors varied the density and diameters
of air perforations, to control effective permittivity of the dielectric layer. Similar
design, but with elaborate analysis and for Ka band was presented by Tahseen and
Kishk in [102].

Vast area where air perforations are used to control the electromagnetic prop-
erties of the dielectric objects is radio optics and transformation optics. Designs of
various dielectric lenses were described in e.g. [103–105]. In [103] and [104], the
authors used a single layer perforated dielectric material with different distribution
of perforations. Additionally, Kishk et al. in [105] deployed variable number of lay-
ers within the area of the lens. Examples of transformation optics devices based on
controlling the effective relative permittivity with the air perforations can be found
in e.g. [106, 107].
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Objectives

The previous, state-of-the-art section briefly summarized how can the HO modes
improve the characteristics of the conventional dielectric resonator antennas in terms
of the impedance bandwidth and the radiation pattern. The attention was mostly
drawn to the gain enhancement of the single element DRAs, mutual coupling be-
tween DRA elements and to perforated DRAs. The main objectives of this disserta-
tion thesis resulting from the performed review are formulated in this section. The
objectives can be divided into three main research areas.

Objective 1

Proposing an original directive DRA element based on the excitation of
the higher-order modes.

Radiation patterns of the potentially promising higher order modes will be ex-
amined and based on the field distributions, suitable mode (or combination of mul-
tiple modes) should be utilized to build a high gain DRA antenna element. From
manufacturing point of view it is desirable that the element is simple shaped (cylin-
der, rectangular parallelepiped). Since the higher order modes mostly suffer from
the narrowband operation, the techniques used for bandwidth enhancement of the
conventional DRAs will be tested whether they can provide any bandwidth im-
provement of the high gain DRA element. If they can, the tradeoff between the
impedance bandwidth and the radiation properties will be found. For this reason,
various shapes, dielectric materials and feeding schemes will be tested.

Objective 2

Research of mutual coupling between the higher-order mode DRA ele-
ments.

The mutual coupling between two cylindrical (rectangular) high-gain DRA ele-
ments will be examined numerically and experimentally and the attention will be
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focused on linearly polarized elements. The result will be a set of recommendations
for minimum element spacing as well as the consideration of HO mode excitation as
a mutual coupling reduction technique.

Objective 3

Research and description of the anisotropic behavior of the perforated
dielectric substrates. The excitation of surface waves on such substrates
and evaluation of possible DRA performance deterioration.

The perforated substrates are to be examined, first, as unbounded perforated
dielectrics for which the components of the permittivity tensor will be derived. In
this way, theoretical, polarization sensitive model of a homogenous equivalent model
based on a quasi-static approximation will be given. Such a model can better suit
specific applications with different propagation directions. Secondly, the analysis
will be extended to surface waves on grounded dielectric substrates and the effective
relative permittivity determination for TE and TM cases. At last, we evaluate the
deterioration of DRA performance designed and fabricated using air perforations.
The effects of perforated dielectric layer surrounding the resonator on radiation
patterns as well as on mutual coupling between antenna elements will be evaluated.
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Enhanced Gain Higher-Order
Mode Dielectric Resonator
Antennas

It has been described in the previous chapter that a suitable, higher order mode
excited inside a dielectric resonator antenna can increase its directivity whereas
keeping its radiation efficiency high. As a result, gain of the antenna is enhanced.
The authors have previously worked only with modes that were described by in-
creased index number in one direction of the resonator achieving maximum gains of
up to 10 dBi [58]. We turn our attention to higher modes with larger index numbers
in two directions, which inevitably makes the geometry of the antenna electrically
larger.

Hybrid electromagnetic mode HEM133 of cylindrical dielectric resonator and
transverse electric mode TE133 of rectangular resonators with square footprint are
investigated numerically as well as experimentally. These two modes provide very
similar radiation patterns with three main lobes and relatively high directivity. The
level of two of the sidelobes can be significantly reduced by suitably designing the
size of the ground plane as well as by introducing a small air gap between the res-
onator and its ground plane, redirecting more energy towards the broadside lobe.
Since the size of the air gap turns out to be an important design parameter of our
HO mode antennas, we deal with it in a separate section (see 3.3).

We first analyze the properties of the antennas based on the TE133 mode with an
infinite ground plane and after that we examine the effects of the finiteness of the
ground plane. A comparison with the fundamental broadside mode of cylindrical
resonator HEM111 is made, since it suffers from significant ground plane effects as
well. The performance of both cylindrical and rectangular DRAs is verified by
measurements. The antenna prototypes are built by stacking up layers of etched
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microwave substrates.
The values of gain and impedance bandwidth of the rectangular elements are

examined as functions of the width/length to height ratio. Results of the antenna
optimization either on maximum gain or on maximum impedance bandwidth are
provided. We do not perform the same analysis for the cylindrical antennas as there
are sufficient reasons to believe, the element behaves similarly.

In case of electrically oversized resonators with circular and square footprints we
partially excite also the nearby modes, which have in some situation positive effects
on both gain and bandwidth. For miniaturization, we also examine the performance
of the reduced size elements with suppressed excitation of modes other than the
desired TE133 mode of rectangular resonator

Since the DRAs are very interesting millimeter (and sub-millimeter) wave ele-
ments, in section 3.4 we turn our attention to a more advanced fabrication technique
for resonator’s manufacturing. We use Low Temperature Co-fired Ceramics (LTCC)
with very low losses to build a resonator for 26 GHz antenna. In simulations, we
compare antennas based on two different LTCC materials, one cheap and suitable
for rather lower frequency regions and one more expensive but dedicated for utiliza-
tion up to 100 GHz. The antenna based on mm-wave LTCC material is assembled
and measured with extremely good agreement between simulation and experimental
results which is caused by higher accuracy in shape control in LTCC process.

3.1 Rectangular Directive DRA

As it has been shown by Petosa et al. [58], the higher order TE modes (TE113

and TE115) of rectangular resonators can provide more directive radiation patterns
compared to the fundamental broadside radiating mode TE111. Nevertheless, even
the directivity of the fundamental mode can be enhanced by a factor up to 2 dB
by decreasing the size of the ground plane and constructively utilizing the ground
plane edge diffraction.

Very interesting can be the excitation of modes with two modal indexes larger
than 1. In this way, we end up with resonators with larger footprint compared to
modes described in [58]. In this section, we focus on TE133, which, as it turns out
provide directive radiation pattern. We examine its behavior above infinite as well
as above finite ground plane. Furthermore, we conduct parametric study and find
optimal dimensions maximizing the broadside gain.
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3.1.1 Dielectric Waveguide Model

The analytical model of rectangular DRAs suitable of derivation of field distributions
as well as for obtaining approximate resonant frequency is based on the dielectric
waveguide model (DWM) equations [10]. In the model, we assume a standing wave in
one direction of a short section of a dielectric waveguide. The outcomes of this model
can be easily verified by any EM field simulation software supporting eigenmode
analysis. Referring to Fig. 3.1. we can write for the field components of the TE𝑦

111

mode:

𝐻𝑥 = 𝑘𝑥𝑘𝑦

𝑗𝜔𝜇0
𝐴 sin 𝑘𝑥𝑥 sin 𝑘𝑦𝑦 cos 𝑘𝑧𝑧, (3.1)

𝐻𝑦 = 𝑘2
𝑥 + 𝑘2

𝑧

𝑗𝜔𝜇0
𝐴 cos 𝑘𝑥𝑥 cos 𝑘𝑦𝑦 cos 𝑘𝑧𝑧, (3.2)

𝐻𝑧 = 𝑘𝑧𝑘𝑦

𝑗𝜔𝜇0
𝐴 cos 𝑘𝑥𝑥 sin 𝑘𝑦𝑦 sin 𝑘𝑧𝑧, (3.3)

𝐸𝑥 = 𝐴𝑘𝑧 cos 𝑘𝑥𝑥 cos 𝑘𝑦𝑦 sin 𝑘𝑧𝑧, (3.4)

𝐸𝑧 = −𝐴𝑘𝑥 sin 𝑘𝑥𝑥 cos 𝑘𝑦𝑦 cos 𝑘𝑧𝑧, (3.5)

𝐸𝑦 = 0. (3.6)

Substituting the air-dielectric interfaces in 𝑥 and 𝑧 directions by a perfect magnetic
wall boundary condition (PMC) enables us to write for the wavenumbers 𝑘𝑥 and 𝑘𝑧:

𝑘𝑥 = 𝑚
𝜋

𝑑
, 𝑘𝑧 = 𝑛

𝜋

2ℎ
, (3.7)

where 𝑚, 𝑛 are half-wave field variation along 𝑦 and 𝑧 direction, respectively. And
the resonant frequency is found by solving the following transcendent equations for
𝑘𝑦

𝑘𝑦 tan 𝑘𝑦𝑑

2 =
√︁

(𝜀r − 1)𝑘2
0 − 𝑘2

𝑦, (3.8)

using the separation equation relating together the wavenumbers in all directions
and the free space wavenumber

𝑘2
𝑥 + 𝑘2

𝑦 + 𝑘2
𝑧 = 𝜀r𝑘

2
0. (3.9)

By solving the transcendental equation 3.8 with the aid of 3.7 and 3.9 we can
find the theoretical resonant frequencies of modes of interest. Due to the periodicity
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of tan function, the equation 3.8 suggest infinite number of possible modes, hence
the equation allows us to determine also the resonant frequencies of the HO modes.

The comparison between analytically and numerically (CST) computed resonant
frequencies of modes TE111 and TE133 is given in table 3.1.
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Fig. 3.1: General geometry of a DRA including a feeding aperture. Orientation
of the aperture determines if TE𝑥

𝑚𝑛𝑝 or TE𝑦
𝑚𝑛𝑝 mode is excited. In this case the

excitation of TE𝑦
𝑚𝑛𝑝 modes would be supported. For simplification, we first assume

ground plane to be infinite 𝑔 → ∞.

Tab. 3.1: Comparison between the resonant frequency results of theoretical DWM
and eigenmode analysis in CST. Relative permittivity of the resonator 𝜀r = 6.15,
ℎ = 10 mm.

Analytical 𝑓𝑟 Numerical𝑓𝑟

𝑑 (mm) TE111 TE133 TE111 TE133

5 12.46 37.39 12.49 37.43
8 8.14 24.42 8.16 24.44
11 6.27 18.81 6.29 18.85
14 5.27 15.81 5.29 15.84
17 4.67 14.00 4.69 14.03
20 4.27 12.81 4.29 12.85

At this point we should explain the notation of the modal indexes. We follow
the simplified notation according to [10], in which, for the rectangular resonators,
the lowest order modes are designated as TE𝑥

111, TE𝑦
111 and TE𝑧

111, depending on
the alignment of equivalent magnetic monopole (i.e. axis 𝑥, 𝑦, or 𝑧). According
to Fig. 3.1 and equations 3.7 we have full half-wave field variations (i.e. 𝜋 rad)
along directions 𝑥 and 𝑧; however, the phase variation in 𝑦 direction is determined
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from solving eq. 3.8 and is equal to 𝜋 rad only if the permittivity of the resonator
is infinite (for the lowest order mode). For real materials, only fraction of a half-
wave is present along given direction (i.e. 𝑦 direction for TE𝑦

111 mode) and we can
designate the lowest order modes as TE𝑥

𝛿11, TE𝑦
1𝛿1 and TE𝑧

11𝛿, where 𝛿 is given for
TE𝑦

1𝛿1 mode as:
𝛿 = 𝑘𝑦

𝜋/𝑤
. (3.10)

In this notation, the higher order modes in 𝑦 direction are denoted as TE1(𝛿+𝑝)1,
where 𝑝 = 1, 2, 3... and the same applies for the other directions.

Similar notation can be introduced also for cylindrical DRAs. Nevertheless, we
stick to the simplified notation in that case as well.

3.1.2 Antenna Configurations

During the analysis, we use three different antenna models varying by their level of
model simplification. All three models are based on the dielectric resonator placed
on top of a conductive ground plane and fed by an aperture inside the plane. The
ground plane is in addition backed by a dielectric substrate with thickness ℎ = 1.524
mm and relative permittivity 𝜀r = 3.38.

The first model includes an infinite ground plane and is fed by a discrete port. In
this way, we can deal with the radiation characteristics of the DRA elements without
the additional finite ground plane effects (edge diffraction). Moreover, thanks to the
discrete port excitation we can use two symmetry planes during simulations, thus
reducing the computational domain to ¼ of the original model.

The second model differs from the first one only by the inclusion of the ground
plane edges – we thus examine the finite ground plane effects for reduced set of geo-
metrical configurations. The model is physically larger and requires more meshcells
than the first model. Nevertheless, we can still simulate only one quarter of the full
computational volume.

In the third case, the model is fed by a realistic feeding structure; we use stan-
dard microstrip line for this purpose. The line is deposited on top of the dielectric
substrate corresponding with its properties to Arlon 25N with thickness 1.524 mm.
Since in this case, the model is no longer symmetric according to 𝑦𝑧 plane, we can use
only one symmetry plane, reducing the computational domain only by a ½ factor.

We start with resonators with square footprint, since this geometry has only two
degrees of freedom: height ℎ and width 𝑤. Size reduction in 𝑦 direction follows
resulting in antenna with rectangular footprint. With rectangular geometry, we
can further suppress additional modes that are excited inside the square resonators.
As the other modes help to increase impedance bandwidth quite significantly, the
change of geometry to rectangular is used only to examine the characteristics of the

27



Chapter 3: Enhanced Gain Higher-Order Mode Dielectric Resonator Antennas

isolated TE133 mode and to show, how the size of the antenna can be reduced if one
sacrifices the impedance bandwidth.

la

wa
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y

Ground plane

Dielectric resonator
Feeding 
aperture

Discrete port

A

A

B B

Fig. 3.2: Detail on the aperture feeding of the resonator. The input impedance of
the discrete port in the simulations is set to 50 Ω.

3.1.3 Infinite Ground Plane DRAs

Rectangular resonators have in general three degrees of freedom considering the
design process, height ℎ, width 𝑤 and length 𝑑 (see Fig. 3.1). In order to make
the analysis systematic, we present characteristics in the following manner. We first
select a certain height of the resonator ℎ between 11 and 15 mm. Then, using DWM
we determine the dimensions of a square footprint resonator (𝑤 = 𝑑) for resonant
frequency 𝑓𝑟 ≈ 10 GHz. Afterwards, we fix the dimension 𝑤 and we gradually
change the length 𝑑 from 5 mm up to 𝑑 = 𝑤. For these dimensions, we examine
input port reflection coefficient, maximum gain and radiation patterns in the E- and
in the H-planes. According to the Fig. 3.1, E-plane corresponds to the 𝑝ℎ𝑖 = 0∘

and H-plane to 𝑝ℎ𝑖 = 90∘. The resonator is fed by a centrally placed aperture
with dimensions 𝑙a = 9 mm and 𝑤a = 1.5 mm and the aperture is excited by a
discrete port with input impedance 50 Ω. The visualization of electromagnetic field
components corresponding to the TE133 mode can be found in figures 3.3 to 3.5

For parametric study, we use simplified model of DRA above infinite ground
plane with aperture, fed by a discrete port. The properties of the dielectric resonator
are 𝜀r = 6.15 and tan𝛿 = 0.003 corresponding to Arlon 600 substrate from which the
resonators are be built in section 3.1.7. However, in this section we still consider the
resonators to be built from single piece of dielectric material. The size of the ground
plane (the distance of PML boundaries from the resonator) must be chosen large
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E Hy

Fig. 3.3: Electric and magnetic fields in A-A cross section of the resonator (see Fig.
3.1).

E Ex

Fig. 3.4: Electric field distribution on the top wall of the resonator.
Hy

Fig. 3.5: Magnetic field distribution (𝐻𝑦 component) in the B-B cross section of the
resonator.

enough not to influence the field distribution inside the resonator and the surface
currents on the ground plane. In our simulations the size of the square ground plane
is 𝑔 ≈ 3𝜆0.

For ℎ larger than circa 15 mm, TE115 and TE133 mode resonant frequencies are
rather close and the radiation patterns of these modes cannot be separated. For
this reason, we do not give any results for these dimensions. For larger ℎ it is not
possible to excite the desired TE133 mode efficiently. We can see the effects of partial
excitation of TE115 mode in curves for ℎ = 15 mm (see Fig. 3.10).
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Since we do not change the size of the feeding aperture throughout the parametric
study, we can expect that the level of impedance matching between the discrete port
and the TE133 mode of the resonator is not always optimal. This can be seen e.g.
in Fig. 3.10 where we could improve matching to the TE133 mode by adjusting size
of the aperture. Nevertheless, we can at this point neglect the impedance matching
loss as we are mainly interested in gain (not realized gain) and radiation patterns
of the antennas. We decide for the fixed aperture size due to the slight influence of
the aperture dimensions on the achievable gain.

In several reflection coefficient characteristics (see Fig. 3.6 to 3.10) we can find
several resonances at various frequencies belonging to other HO modes. Most often,
the TE115 mode is excited and sometimes matching to this mode is much better
than to our TE133 mode (see Fig. 3.10 - right). If the resonant frequencies of these
modes are close to each other, the impedance bandwidth as well as the gain band-
width can be improved (see e.g Fig. 3.10 right). However, since we are examining
the characteristics of TE133 mode at this point, we do not proceed in research of
combined mode DRAs in this section.

Dielectric losses as well as metallic losses are present in the model, therefore
we are interested in the IEEE gain (Fig. 3.11) according to IEEE standards [108].
In the radiation patters plots (see Fig. 3.12 to 3.14) we plot normalized gains vs.
𝑡ℎ𝑒𝑡𝑎 angle. We use convention where angle 𝑡ℎ𝑒𝑡𝑎 ranges between −180∘ and 180∘;
however, because the resonator is in this section placed on top of an infinite ground
plane, we plot only characteristics for −90∘ ≤ 𝑡ℎ𝑒𝑡𝑎 ≤ 90∘ (i.e. the upper half
space). The lower half space is not interesting since it would only show parasitic
radiation of the slot, which is of no interest at this point. We obtain the maximum
gain from TE133 mode to be above 10 dBi (see Fig. 3.11 for comparison).

The E-plane radiation patterns show three main lobes at 𝑡ℎ𝑒𝑡𝑎 = 0 ∘, and
𝑡ℎ𝑒𝑡𝑎 = ±90∘. For certain dimensions, another two sidelobes around angles
𝑡ℎ𝑒𝑡𝑎 = ±45∘ arise. We can assume that the finite ground plane reduces the
radiation towards 𝑡ℎ𝑒𝑡𝑎 = ±90∘; however, radiation in these directions disqualify
this element from 2D array applications (1D H-plane array should be possible as
we show in chapter 4), where we cannot rely on edge diffraction between adjacent
elements. However, additional structures could suppress the radiation in these di-
rections.

The presence of the other, at this point, unwanted HO modes (e.g. TE115) can be
seen most clearly from Fig. 3.13 and 3.14. As the height of the resonator ℎ increases,
the resonant frequencies of TE133 and TE115 get closer, thus the influence of multi-
mode excitation can be seen most clearly in Fig. 3.14, resulting in gain reduction in
directions 𝑡ℎ𝑒𝑡𝑎 = ±90∘ of the E-plane (desirable) and increase of sidelobes in the
H-plane (undesirable).
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Fig. 3.6: Input port reflection coefficients showing resonances of the TE133 mode
for resonators height ℎ = 11 mm. As the footprint’s shape of the resonator ap-
proaches square, the resonant frequency of TE133 mode varies more slowly (right).
The resonance on the right for 𝑤 = 15 mm is TE115 mode.
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Fig. 3.7: Input port reflection coefficients showing resonances of TE133 mode and
some additional higher modes for resonators height ℎ = 12 mm. We can see that
the additional resonances increase the impedance bandwidth of the antenna (right).
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Fig. 3.8: Input port reflection coefficients showing resonances of TE133 mode
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Fig. 3.9: Input port reflection coefficients showing resonances of TE133 mode for
resonators height ℎ = 14 mm.
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Fig. 3.10: Input port reflection coefficients showing resonances of TE133 mode
ℎ = 15 mm.
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Fig. 3.11: Maximum gain corresponding to the TE133 mode as function of resonator’s
width 𝑤 for various heights of the resonator (frequencies according to Fig. 3.6 to
3.10).
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Fig. 3.12: Radiation patterns for resonator with height ℎ = 11 mm and for various
widths 𝑤. For frequencies see TE133 mode resonances in Fig. 3.6.
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Fig. 3.13: Radiation patterns for resonator with height ℎ = 13 mm and for various
widths 𝑤. For frequencies see Fig. 3.8.
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Fig. 3.14: Radiation patterns for resonator with height ℎ = 15 mm and for various
widths 𝑤. For frequencies see Fig. 3.10. In this case, the excitation of TE115 is the
strongest, we can see it by reduced sidelobes in the E-plane at 𝑡ℎ𝑒𝑡𝑎 = ±90 ∘ and
increased sidelobes in the H-plane at circa ±70∘.
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3.1.4 Finite Ground Plane Effects

It turns out that the size of the ground plane has a considerable effect on the
radiation patterns as well as on the maximum achievable gain in the broadside
direction (i.e. 𝑡ℎ𝑒𝑡𝑎 = 0∘, see Fig. 3.1). This gain variation can be explained by
the edge diffraction in the E-plane (i.e. 𝑥𝑧 plane in Fig. 3.1) due to two beams
at the angles 𝑡ℎ𝑒𝑡𝑎 = ±90∘ , i.e. in the reflector plane (see e.g. Fig. 3.12). The
gain maximum in the broadside direction is obtained when the direct and diffracted
waves meet in phase in direction 𝑡ℎ𝑒𝑡𝑎 = 0∘.

In the simulation model, we choose square shape of the ground plane with side
length 𝑔. We gradually increase 𝑔 and we observe how the gain in the broadside
direction varies as a function of 𝑔. For visualization, we express 𝑔 in free space
wavelengths 𝜆0. From Fig. 3.15 we can see, that the gain maxima (or minima) occur,
whenever we increase 𝑔 by approximately 2𝜆0 (2𝜆0 is the period). The increase of
𝑔 by 2𝜆0 corresponds to increase in distance between resonator’s phase center and
one of the edges by 𝜆0.

The DR has in this case dimensions ℎ = 13 mm, 𝑑 = 24 mm, 𝑤 = 17 mm
(i.e. resonator with maximum gain). Next, we show radiation patterns for several
ground plane sizes, showing increasing ripples, especially in the E-plane. The reason
is clearly the two beams directing towards ground plane edges in the E-plane. In
the H-plane, there is only a little radiation towards the edges. As the diffraction
causes propagation of waves also in the directions corresponding to lower half-space
(contrary to the section 3.1.3 for infinite plane) we are now interested in radiation
patterns in full range of angle 𝑡ℎ𝑒𝑡𝑎: −180∘ ≤ 𝑡ℎ𝑒𝑡𝑎 ≤ 180∘. However, due to the
symmetry of radiation patterns we only show results for 0∘ ≤ 𝑡ℎ𝑒𝑡𝑎 ≤ 180∘.
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Fig. 3.15: Realized gain in direction 𝑡ℎ𝑒𝑡𝑎 = 0∘ as a function of the ground plane
size 𝑔 at frequency 10 GHz. The period corresponds to approximately 2𝜆0.
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Fig. 3.16: E-plane radiation patterns at 10 GHz for four ground plane sizes 𝑔 = 30,
75, 100 and 300 mm. With increasing 𝑔, the patterns are getting more rippled – i.e.
interference between direct and diffracted waves.
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Fig. 3.17: H-plane radiation patterns at 10 GHz for four ground plane sizes 𝑔 = 30,
75, 100 and 300 mm. We can see the H-plane patterns are less sensitive to the
ground plane size.
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Fig. 3.18: Reflection coefficient for various ground plane sizes. We can see that only
extremely small 𝑔 can influence the reflection coefficient.
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3.1.5 Square, TE133 Mode DRA Design

In the design, we work with a square footprint resonators and we excite dominantly
TE133 mode of the resonator. However, as has been shown in previous sections, in
square resonator, multiple modes can be excited and thus expand the impedance
bandwidth of the antenna. After successful excitation of the TE133 mode, the
impedance bandwidth and the radiation properties are compared for two resonators
with different aspect ratios.

Since, the size of the ground plane has significant effect on the maximum achiev-
able gain, we choose the size to maximize gain in the broadside direction. The
antennas are optimized for application in the X-band with central frequency about
10.25 GHz. The antennas are fed by rectangular apertures, which determine the
linear polarization.

Each of the antennas is configured as a rectangular dielectric resonator with a
square footprint (i.e. width 𝑤 and depth 𝑑 are equal) above a conductive ground
plane. Square shape of the ground plane is selected. The dielectric resonator is fed
by an aperture coupling from a 50 Ω microstrip line. The relative permittivity of the
resonator in the simulations is 6.15 and loss tangent tan𝛿 = 0.003; these material pa-
rameters correspond to commercially available Arlon 600 microwave substrate and
at this point we assume the resonator to be built from single piece of material. The
substrate of the microstrip line is Arlon 25N with relative permittivity 𝜀r = 3.38,
loss tangent tan𝛿 = 0.003 and height 1.524 mm. A microstrip parallel stub is used
for impedance matching of the antenna. No air gap between the dielectric resonator
and the ground plane is considered in simulations, even though the real material
properties such as surface roughness might create very small air gap. This phe-
nomenon is studied in detail in section 3.3. The geometry of the antenna with its
alignment in spherical coordinate system is given in Fig. 3.19.
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Fig. 3.19: Detail of the microstrip fed antenna.
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3.1.6 Numerical Results

The suggested antenna is designed and its operation analyzed using full-wave EM
simulation tool CST Microwave Studio. The initial set of resonator geometries
is obtained by a so called magnetic wall method (i.e. numerical implementation
of DWM). In our case, the method is done by performing modal analysis of the
resonator in Eigenmode solver of CST MWS. In the simulations, all of the res-
onator’s walls are set as perfect magnetic conductors (PMC), except the bottom
wall which on the other hand is considered perfect electric conductor (PEC). This
method does not take radiation losses into account and assumes vanishing tangen-
tial magnetic/electric fields on the resonator boundaries resulting in considerable
errors, particularly if the resonator is based on a low permittivity material, just as
in our case. Nevertheless, the resonant frequency error is in our case less than 5 %,
providing sufficient accuracy for the design of initial geometry.

The resonator is brought into resonance with the desired mode at the center fre-
quency 10.25 GHz for two aspect ratios (i.e. width to height ratio 𝑤/ℎ), thus having
a higher resonator with smaller footprint and a lower resonator with larger footprint.
The aspect ratio influences the Q factor of the DRA and thus the antenna bandwidth.
Nevertheless, in our case of square footprint resonator, two additional resonances at
both sides of the desired frequency band occurs (most obvious are modes TE213 and
TE115), therefore increasing the impedance bandwidth significantly.

In our study, we are looking for the optimum aspect ratio to maximize the gain of
the antenna. From this point of view, the optimum aspect ratio (resonator with this
aspect ratio is designated as Resonator A) is found to be 𝑤/ℎ = 26.4 mm/11.3 mm
and its frequency response of reflection coefficient is given in Fig. 3.20 and radiation
patterns in E and H-plane are given if Fig. 3.21.

The second resonator is optimized for the best side lobe level performance. It
is found out, that even though the higher resonator (designated as Resonator B)
with aspect ratio 𝑤/ℎ = 22.7 mm/13.4 mm provides lower gain (about 0.5 dB), the
side lobe levels are significantly decreased compared to the higher resonator (about
3.5 dB improvement).

The optimum ground plane size that maximizes the broadside gain is found by
parametric analysis in which we sweep ground plane size 𝑔 and observe gain in di-
rection 𝑡ℎ𝑒𝑡𝑎 = 0∘. The gain behaves as periodic function of 𝑔 and thus the gain
maxima are obtained for several ground plane sizes (approximately 𝑔 = 77 mm,
134 mm, 193 mm, 252 mm etc.) making the difference between two adjacent max-
ima (or minima) approximately 59 mm, which corresponds quite accurately to 2𝜆0

(𝜆0 = 58.5 mm).
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Fig. 3.20: Frequency response of the reflection coefficient of both resonators. The
TE133 mode resonates at about 10.25 GHz.
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Fig. 3.21: E-plane (left) and H-plane (right) radiation patterns of both resonators
at frequency 10.25 GHz.

3.1.7 Experimental Results

For experimental verification, we select resonator designated as resonator A that
provide maximum gain at central frequency 10.25 GHz and which design has been
described in the previous section.

In this section as well as throughout the whole thesis, we build the resonators
by layering up conventional microwave substrates as described below. The antenna
prototype is manufactured by assembling several layers of completely etched Arlon
600 substrate (𝜀r = 6.15, tan𝛿 = 0.003) and the individual layers are held together
by a special, double-sided duct tape with known electrical properties(𝜀r ≈ 3). Due
to the nature of the fabrication process, the height of the resonators must be an
integer multiple of 1.575 mm (i.e. thickness of one layer of Arlon 600 substrate); in
addition, the thickness of one layer of tape is about 50 𝜇m, which also must be taken
into account as it increases the overall height of the resonator. Considering these
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additional requirements, the resonator is slightly redesigned and its final dimensions
are given in the Tab. 3.2. The simplified view of the layered antenna can be seen in
Fig. 3.22. The top view of the antenna with soldered SMA connector can be seen
in photograph in Fig. 3.23. The final size of the ground plane of the manufactured
antenna is 𝑔 = 77 mm.

Dielectric layers, 
εr = 6.15 Glue, εr ≈ 3

1.575 mm 0.05 mm

Ground plane

Fig. 3.22: Dielectric resonator created by several layers of dielectric substrate with
interleaved glue layers. The proportions in the figure are exaggerated, glue layers
are only circa 50 𝜇m thick.

Tab. 3.2: Final dimensions of the antenna.
ℎ (mm) 𝑤 (mm) 𝑙a (mm) 𝑔 (mm)
11.38 26.75 13.10 77

Fig. 3.23: Top view of the fabricated DR antenna with SMA connector.

The reflection coefficient frequency response is measured and the measured re-
sults of its magnitude are compared with simulation results of the redesigned res-
onator in Fig. 3.24. The differences might be explained by the absence of the SMA
connector in the simulations but it is much more likely that the fabrication tolerances
cause the discrepancy. The upshift of the resonant frequency can be explained by
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small amounts of air trapped between the adjacent resonators layers, which slightly
decrease the effective permittivity of the resonator.

The realized gain is measured at several frequencies and the results are given in
Fig. 3.25. The enhanced gain region at the target frequency 10.25 GHz is therefore
confirmed with maximum value 11.9 dBi.

Normalized radiation patterns in principal planes of the antenna are given in
Fig. 3.26. The results confirm, that the higher-order mode resonator provide en-
hanced directivity; however, the side lobes are quite distinctive in the E-plane as
predicted by simulations. The measured side lobe level is -7.7 dB compared to -6 dB
obtained in simulations. One of the explanations that can at least partially explain
this fact is the SMA connector that is placed in the E-plane of the antenna and that
has not been part of the simulation model.

The maximum value of cross-polarization component is below -20 dB relative to
the maximum value. Nulls in the measured patterns for the back lobe directions
are caused by the properties of our measurement range, when line of sight between
AUT and illuminating antenna is obscured for these angles by antenna scanner.
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Fig. 3.24: Comparison between simulated and measured reflection coefficient. The
measured results varied from simulated due to inaccurate fabrication.
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Fig. 3.25: Measured realized gain frequency response. Maximum achieved gain is
11.9 dBi.
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Fig. 3.26: Normalized radiation patterns in both principal planes (E-plane on the
left, H-plane on the right). The absence of the measured back lobe (compared to
simulations) is given by the nature of our measurement range. The shape of the
cross-polarization pattern in the E-plane suggest slight misalignment of the antenna
during measurements.
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3.2 Cylindrical Directive DRA

In this part, we describe a DRA element based on the excitation of a higher-
order hybrid electromagnetic HEM133 mode in a single cylindrical dielectric res-
onator to accomplish considerable gain enhancement. We observe partial excita-
tion of the nearby HEM123 mode which slightly increase the gain, but more visibly
the impedance bandwidth of the antenna. Similarly to conventional DRAs, where
broadside radiating modes TE111 of rectangular and HEM111 of cylindrical resonator
show very similar characteristics we can assume that HEM133 mode will resemble
in performance the TE133 mode of rectangular resonator. Compared to rectangular
resonator, the analysis and design of cylindrical resonators is more straightforward
as the cylinders possess only two degrees of freedom (i.e. height and diameter) for
selected relative permittivity.

Both HEM133 and HEM123 modes require neither special feeding schemes nor
ground plane modifications and can be excited similarly to the well-known HEM111

(also denoted as HEM11𝛿) mode. The aperture coupling feed [22] is selected and
optimized to avoid excitation of unwanted modes inside the resonator.

A parametric study in CST Microwave Studio is conducted to observe the behav-
ior and to determine the limits of the proposed DRA. We focus on various diameter
to height ratios (aspect ratio) as well as on ground plane size, which, as in case of
rectangular DRA operating with TE133 mode has noticeable effect on the E-plane
radiation patterns as well as on the broadside gain values.

The antenna is designed to operate over unlicensed ISM 5.8 GHz band (5.725 GHz
- 5.875 GHz), but the concept might be more suitable at higher frequencies, where
the resonator size can be less crucial. In section 3.3 we follow by study of an ad-
ditional gain increase of the 5.8 GHz ISM band antenna by introducing an air gap
between the resonator and its ground plane. We perform numerical and experimental
parametric study in order to verify the additional gain increase of about 1.5 dB. The
higher frequency operation is demonstrated in section 3.4 on millimeter-wave DRA
resonating at central frequency about 26 GHz. For fabrication, we use advanced
Low Temperature Co-firec Ceramic (LTCC) technology with very low losses. In
simulations, we compare the performance of two electrically equivalent DRAs built
from two various LTCC materials, one cheap, intended for low frequency PCB design
and the other one, more expensive designated for high performance millimeter-wave
PCB designs.
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3.2.1 High Gain Cylindrical DRA Concept

The antenna is composed of a single cylindrical dielectric resonator placed above a
circular conductive ground plane. The resonator is excited through a rectangular slot
in the ground plane of a microstrip line according to Fig. 3.27. An aperture coupling
feeding mechanism is selected to minimize the excitation of unwanted lower-order
modes in the structure. Relative permittivity of the resonator in all simulations is
6.15. This value is selected due to availability of the material with the given 𝜀r. The
substrate Arlon 25N with relative permittivity 3.38 is used in the feeding structure
design.

Initial dimensions of the resonator (height ℎ and diameter 𝑑 according to Fig. 3.27)
are found by the magnetic wall method using CST Eigenmode solver. All the walls
are set as PMCs, except the bottom wall which is set to PEC and the resonator
dimensions are obtained so that the resonant frequency of the target mode HEM133

is 5.8 GHz. In this way, we can also determine approximate resonant frequencies
of nearby modes, particularly of HEM123 that is partially excited as well. Since the
magnetic wall method does not take radiation losses of the resonator into account,
considerably large inaccuracy is a result. Nevertheless, the method provides a rea-
sonable initial approximation of dimensions that needs to be tuned and optimized
afterwards. Full-wave transient solver of CST Microwave Studio is used for this
purpose.

Figures 3.29 and Fig. 3.30 depict the simulated E-field and H-field distributions
of the desired modes in several cross-sections (see Fig. 3.31) of the resonator as
obtained from the modal analysis and as excited within the designed DRA at the
target frequency 5.8 GHz. The comparison clearly shows the presence of the modes
inside the DRA. Moreover, the modes are excited with quadrature phase shift which
simplifies their identification.

The E-field oscillates predominantly in the 𝑥-axis direction(𝑦-field components
are symmetrical and thus cancel each other out) and thus the radiation is linearly
polarized in the broadside direction (the direction along the 𝑧-axis). A relatively
high gain radiator with radiation efficiency above 90 % can be obtained by carefully
optimizing the resonator’s size, dimensions of the aperture feed and the ground plane
diameter.

Aperture coupling excitation scheme is selected to excite the desired modes in
our DRA. This solution is preferred since the desired modes are of higher order and
e.g. a probe feed would give rise to the excitation of unwanted TE/TM modes,
deteriorating the near field distribution and resulting in main beam tilt and gain
reduction. The aperture is fed by a 50 Ω microstrip line placed on the other side of
the ground plane as seen in Fig. 3.31. By placing the aperture symmetrically below
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Fig. 3.27: Geometry of the aperture-fed cylindrical DRA and its alignment in the
spherical coordinate system.

Fig. 3.28: Manufactured prototype of the high gain cylindrical DRA

the DRA and tuning its dimensions, we can excite both the desired modes with a
single feed. Suitable values of parameters 𝑙a, 𝑤a and 𝑙s must to be found; initial
values are calculated using following equations:

𝑙a = 0.4𝜆0√
𝜀e

, (3.11)

𝑤a = 0.2𝑙a, (3.12)

𝑙s = 𝜆g

4 , (3.13)

where 𝜀e = (𝜀r + 𝜀s)/2, 𝜀r and 𝜀s are relative permittivities of the DRA and the
substrate, respectively and 𝜆g is the guided wavelength in the substrate. The length
in 3.11 is selected, so that the half wave resonance of the slot is avoided. Neverthe-
less, we must work with a considerably longer slot for appropriate mode excitation.
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Fig. 3.29: E-field and H-field distributions of the HEM133 mode as obtained by the
modal analysis and the same field components as excited in our DRA at 5.8 GHz.
The phase difference between the visualized E and H-field is 180°. For plane cuts
see Fig. 3.31.
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Fig. 3.30: E-field and H-field distributions of the HEM123 mode as obtained by the
modal analysis and the same field components as excited in our DRA at 5.8 GHz.
The phase difference between the visualized E and H-field is 180°. Moreover, the
fields have 90° phase shift as compared to the fields in Fig. 3.29. For plane cuts see
Fig. 3.31.
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The result is that the back-lobe radiation is increased. However, this problem can
be solved by using a stripline or a substrate integrated waveguide instead of the
microstrip line. The optimum slot dimensions are found to be 𝑙a = 17.73 mm,
𝑤a = 3.49 mm with the stub length 𝑙s = 10.94 mm.

3.2.2 Parametric Study

The influence of two main design parameters of the designed DRA on antenna perfor-
mance is studied. Namely the resonator diameter 𝑑 and the ground plane diameter
𝑔 are varied and the resonant frequency, impedance bandwidth and maximum gain
are observed.

Due to the restrictions of the antenna fabrication method, the height ℎ must be
an integral multiple of 1.575 mm only, which is the height of the Arlon substrate used
for manufacturing (for details, see section 3.1.7). The optimum height ℎ, providing
the maximum gain is found to be 22.05 mm corresponding to 14 layers of the Arlon
substrate. The desired resonant frequency was 5.8 GHz with the band of interest
covering the frequency range 5.725-5.875 GHz (ISM band). The band of interest
corresponds to a relative bandwidth of only 2.6 %. Throughout the parametric
study, the dimensions of the feeding structure (i.e. the slot width 𝑤a, its length 𝑙a

and the stub length 𝑙s) are kept constant as well as the height ℎ of the resonator.
The resonant frequency of the DRA and its impedance bandwidth are determined

mostly by the dimensions of the resonator whereas its gain is in addition quite
strongly influenced by the diameter of the ground plane. However, in case of very
small ground plane, the input impedance is as well influenced by the diameter 𝑔.
Figure 3.32 shows the frequency response of the reflection coefficient for several 𝑑

values (the reference impedance is 50 Ω) with the ground plane size 𝑔 = 132.5 mm.
The height of the resonator ℎ is fixed to the value 22.05 mm in all the plots.

Figure 3.33 depicts the frequency response of realized gain for several diameters
of the resonator as well as for several ground plane sizes (see Fig. 3.33). The gain
increases with the diameter of the ground plane to a certain point only, after which
the gain is getting reduced with further increasing of the ground plane size. Such a
behavior has already been documented in the literature for the dominant HEM111

mode [109]. In our case, this gain variation is caused by the edge diffraction in
the E-plane (i.e. 𝑥𝑧 plane in Fig. 3.31) due to a relatively high side lobe levels
in the reflector plane (see Fig. 3.37). The gain maximum is obtained if the direct
and diffracted waves meet in phase in the broadside direction. In simulations, these
maxima are obtained for several ground plane diameters (approximately 135 mm,
235 mm, 335 mm etc.) proving that the gain variation is caused by the diffraction,
since the approximate ground plane diameter difference is 2𝜆0.
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Fig. 3.31: Detail of the antenna geometry and the dimensions.

3.2.3 Prototype and Measurement

The antenna is fabricated by process described in section 3.1.7, in which we built
the resonator by stacking up layers of a completely etched Arlon 600 substrate with
𝜀r = 6.15, loss tangent tan𝛿 = 0.003 and thickness 1.575 mm. The layers are held
together by double sided duct tape of 65 𝜇m thickness and relative permittivity
3, approximately. The resonant frequency must be slightly tuned by altering the
resonator diameter to compensate the effect of 14 layers of the duct tape in between
the dielectric layers. The final dimensions of the resonator are ℎ = 22.75 mm
corresponding to 14 layers of Arlon 600 substrate interleaved with 14 layers of duct
tape. The diameter of the resonator is 44.1 mm and the diameter of the ground
plane 𝑔 = 132.5 mm.

The comparison between the simulated and measured magnitude of the reflection
coefficient is depicted in Fig. 3.35; reasonable agreement can be observed. Simula-
tions are conducted in the transient solver of CST Microwave Studio and measure-
ment is done using a vector network analyzer. Next, radiation patterns and gain
of the designed antenna are measured in an anechoic chamber. First, the realized
gain frequency response is measured in the broadside direction; a maximum gain of
11.59 dBi is obtained at the frequency 5.82 GHz (Fig. 3.36). Radiation patterns in
two orthogonal principal planes (𝑥𝑧, 𝑦𝑧 in Fig. 3.31) are measured at the frequency
of maximum gain 5.82 GHz for co- and cross-polarization components (Fig. 3.37
and 3.38). The co-polarization component corresponded to the 𝑥 axis and the cross-
polarization to the 𝑦 axis orientation as given in Fig. 3.31. From the results, we can
see that the cross-polarization discrimination is better than 20 dB.
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Fig. 3.32: Reflection coefficient vs. frequency for several diameters of the resonator.
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Fig. 3.33: Realized peak gain in the broadside direction vs. frequency for several
diameters of the resonator.
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Fig. 3.34: Realized peak gain in the broadside direction vs. frequency with ground
plane diameter as a parameter.
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Fig. 3.35: Comparison between simulated and measured magnitude of the reflection
coefficient.
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Fig. 3.36: Realized gain frequency response in the broadside direction – simulation
vs. measurement.
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Fig. 3.37: Simulated and measured radiation patterns at 5.82 GHz in the E-plane,
which corresponds to 𝑥𝑧 plane in Fig. 3.31.
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Fig. 3.38: Simulated and measured radiation patterns at 5.82 GHz in the H-plane,
which corresponds to 𝑦𝑧 plane in Fig. 3.31.

3.3 Gain Improvement of HO Mode DRA by Thin
Air Gap

Dielectric resonator antennas (DRA) are mostly configured as dielectric resonators
situated above a conducting ground plane and excited by one of several suitable
feeding schemes such as coaxial probe, aperture, microstrip etc. Introducing the
air gap can have a significant impact on the performance of the DRA. Imperfect
manufacturing process can result in small air gaps between the coaxial probe and the
DR or between the DR and the conducting ground plane due to imperfect mechanical
contacts (surface roughness). Effects of such imperfections have been numerically
and experimentally studied in [16, 110, 111] for cylindrical DRA operating with the
most frequently used TM01𝛿 and HEM111 modes. In fact, the air gap insertion has
become a simple and popular way of increasing the impedance bandwidth of the
DRA antennas [112], since it decreases the effective permittivity of the resonator.

So far, the attention has been mainly drawn to the gap influence on the input
impedance and the Q-factor of the resonator, causing shift in the resonant frequency
and change of impedance bandwidth, respectively. The gain variation due to the air
gap between the cylindrical DRA operating in HEM111 mode was reported in [113].
The antenna gain was decreasing monotonously from about 5.8 dBi for no gap down
to about 3 dBi for 0.5 mm gap at operating frequency 10.4 GHz.

We demonstrate by a numerical simulation and experiment, that a very small air
gap between the ground plane and the dielectric resonator operating with certain
higher order modes described in section 3.2 can in fact increase the gain of the
antenna without significantly affecting the bandwidth.
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3.3.1 Antenna Configuration

The test antenna geometry consists of a low permittivity cylindrical dielectric res-
onator (DR) with 𝜀r = 6.15 fed by aperture coupled microstrip line and placed on
top of a ground plane (see 3.39). Small air gap of height ℎ2 between the ground
plane and the dielectric resonator is introduced. The dielectric resonator is fed by a
50 Ω microstrip line by aperture coupling method. The aperture is designed so that
its resonance is avoided and the coupling to the DR is maximized. The antenna
dimensions are first optimized to operate with higher order hybrid EM modes as
demonstrated in previous section but without any air gap between the DR and the
ground plane. The fields inside the resonator comprised dominantly of the combi-
nation of higher order modes HEM133 with partial excitation of HEM123.

The dimensions of the resonator in both, numerical and experimental studies,
are ℎ1 = 22.75 mm, 𝑑 = 44.1 mm with ground plane diameter 𝑔 = 132.5 mm,
whereas the slot dimensions are 𝑙a = 17.73 mm, 𝑤a = 3.49 mm, and stub length
𝑙s = 10.94 mm. The resonator is initially designed for resonant frequency 5.8 GHz
considering no air gap between the resonator and ground plane. Based on previous
studies [16, 110, 111], it is expected that the resonant frequency will shift upwards
with introducing and extending the air gap.

3.3.2 Numerical Study

The original higher order mode DRA presented in 3.2 gives approximately 3.5 %
impedance bandwidth with maximum gain of 11.59 dBi and relatively high side lobe
levels of -8 dB.

In this study, only one parameter is swept, keeping the others unchanged. In
simulations, we are varying only the air gap height ℎ2 from 0 mm up to 0.6 mm,
observing variations in reflection coefficient and gain frequency response. The values
of ℎ2 are very small if expressed in free space wavelengths, e.g. 0.6 mm corresponds
to only 0.012𝜆0 at 5.8 GHz (𝜆0 = 51.7 mm).

The air gap has expected influence on the resonance frequency value and the
impedance bandwidth; however, the air gap for the antenna in our configuration
enhances the gain by more than 1 dB (almost 1.7 dB). With increasing the air gap,
the side lobe levels are slightly decreasing, thus the directivity values in the main
beam of the antenna are improved, whereas the radiation efficiency stays approxi-
mately unchanged (above 90%). Impedance matching to the 50 Ω microstrip line
through the aperture is deteriorated as the air gap is increasing due to the change
of the resonator’s input impedance. However, by tuning the size of the coupling slot
and stub, the impedance matching can be improved as well for the DRA with the
air gap.
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Fig. 3.39: The configuration of the examined DRA with incorporated air gap be-
tween the ground plane and the resonator.

3.3.3 Prototype and Measurements

We fabricate the resonator by stacking up etched layers of Arlon 600 substrate with
𝜀r = 6.15, tan𝛿 = 0.003, whereas for the feed Arlon 25N with 𝜀r = 3.38, tan𝛿 = 0.0025
is used. The thin air gap (ℎ2) is introduced by gluing together several layers of
narrow strips of double sided duct tape The resonator is attached to the ground
plane with two narrow stripes of tape (see Fig. 3.46) resulting in total thickness of
about 0.07, 0.2, 0.33 and 0.46 mm corresponding to one, two, three and four layers
of tape, respectively.

The frequency response of realized gain (see Fig. 3.43) as well as the radiation
patterns (Fig. 3.44 and 3.45) are measured only with the air gap of 0.07 mm and
0.33 mm, since the simulations shown the optimum height of the gap is somewhere
around 0.4 mm (see Fig. 3.41). If we express these heights in terms of free space
wavelengths (𝜆0 = 51.7 mm at 5.8 GHz) we get 1.35 · 10−3𝜆0 , 6.38 · 10−3𝜆0 and
7.74 · 10−3𝜆0 for heights 0.07 mm, 0.33 mm and 0.4 mm, respectively.

The resonant frequency is directly proportional to the height of the air gap.
Since the input impedance of the resonator is changing with increasing the height of
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Fig. 3.40: Variation of the reflection coefficient with increasing the height of the air
gap.
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Fig. 3.41: Variation of the gain (IEEE gain) with increasing the size of the air gap.

the gap, the parallel stub matching becomes less effective as the gap is introduced.
It follows, that the impedance matching level of the antenna with air the gap can
be improved by additional tuning of the stub and coupling aperture dimensions;
however, it is not attempted here. The results prove that a very thin air gap between
the dielectric resonator and the ground plane can influence the radiation parameters
of higher order mode. In this way gain increase from 11.6 dBi to 13.2 dBi can be
achieved and simultaneously we can improve the side lobe level suppression. The
realized gain of the antenna exceeds 10 dBi level in relative frequency bandwidth of
about 5.1 %.
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Fig. 3.42: Measured reflection coefficient for several thicknesses of the air gap be-
tween the ground plane and the resonator.
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Fig. 3.43: Measured realized gain for two values of air gap height between the ground
plane and the resonator. Gain boost of 1.6 dB can be seen.
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Fig. 3.44: E-plane radiation patterns (co- and cross-polarization) of the antenna for
two different heights of the air gap at frequency 5.85 GHz.
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Fig. 3.45: H-plane radiation patterns (co- and cross-polarization) of the antenna for
two different heights of the air gap at frequency 5.85 GHz.

Fig. 3.46: DRA prototype with air gap introduced by stripes of duct tape on the
left and right side of the resonator.
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3.4 Low Temperature Co-Fired Ceramics for Mil-
limeter Wave Directive DRA Design

Dielectric resonator antennas are very promising candidates for the deployment at
millimeter and even sub-millimeter wave bands due to their inherently low conduc-
tion losses. In majority of applications the DRAs operate in one of their low-order
modes producing radiation patterns comparable with short magnetic dipole with
gain about 5 dBi. However, as the frequency increases, the dielectric losses can
limit the radiation efficiency of the antenna. Low loss dielectrics must then be used
if the radiation efficiency is to be kept high. One of the high-quality materials for
millimeter- wave areas is Low Temperature Co-Fired Ceramics (LTCC) with excel-
lent stability, mechanical and dielectric capabilities. Although LTCC is primarily
intended for multilayer circuit board design, its permittivity and fabrication process
capability makes it interesting also for DRA design [42]. Ultimately, the circuitry as
well as the antenna can be fabricated in one processing step as single LTCC board.

This chapter deals with the development of a millimeter-wave LTCC based DRAs
utilizing the antenna concept described in section 3.2, i.e. excitation of higher-order
mode, dominantly HEM133 in cylindrical resonator at a center frequency of inter-
est 25.5 GHz. The work should verify the suitability of the LTCC technology for
building this type of a radiator. This technology is advantageous as it comes to the
fabrication of more complex resonator shapes for very high frequency bands (mil-
limeter waves), where it can be very difficult to meet the required tolerances with
classical manufacturing methods. The shapes with increased complexity might pro-
vide improved impedance bandwidth, similarly to the basic DRAs. As substrate, we
chose LTCC material, system Green Tape 9K7. Green Tape 9K7 is usually available
in multiple thicknesses and is designed for use as an insulating layer in multichip
multilayer modules, single chip packages, ceramic printed wiring boards and various
millimeter-wave modules. Green Tape 9K7 shows very low loss tangent at millimeter
wave bands and according to the manufacturer it is suitable for applications up to
approximately 100 GHz [114].

In order to mitigate the losses and spurious radiation as much as possible the
antenna is fed by a slot inside a substrate integrated waveguide (SIW). This solution
decreases the losses compared to the microstrip line feed on one hand and on the
other hand decrease the back-lobe radiation levels.

In simulations, we have experimented with much cheaper type of LTCC material
called Green Tape 951 PX with 𝜀r = 7.8 [115]; however, its performance rapidly
deteriorates at higher frequencies. The loss tangent rises from 0.006 at 3 GHz to
0.014 at 10 GHz. The efficiency of the DRA drops to only about 48 % if the losses are
so high. Moreover, we can assume even higher values of loss tangent at frequencies
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above 20 GHz and thus the design in this frequency region would not be very useful
from radiation efficiency point of view. Example of two manufactured resonators
from Green Tape 951 can be seen in Fig. 3.47; slight misalignment of 200𝜇m thick
LTCC layers is obvious.

Fig. 3.47: Manufactured LTCC resonators for 24 GHz resonant frequency of HEM133

mode from DuPont Green Tape 951.

3.4.1 Millimeter-Wave Directive Cylindrical DRA Based on
Low-Loss LTCC 9K7 Green Tape

The antenna is again configured as a cylindrical dielectric resonator from LTCC
material (Green Tape 9K7) with electrical properties 𝜀r = 7.1 and tan𝛿 = 0.0009 as
provided at 10 GHz, placed above a conducting ground plane of square footprint.
The properties of LTCC during field simulations at 25.5 GHz are extrapolated uti-
lizing the 3rd order electric dispersion model by “Constant fit tangent delta” option
in CST MWS.

The radiating element of the antenna is based on the higher-order mode exci-
tation inside a cylindrical dielectric resonator according to section 3.2, providing
directive radiation pattern with good radiation efficiency, if the ground plane size
is accordingly adjusted. The directivity in the broadside direction is affected by
the edge diffraction in the E-plane and thus the maximum gain of the antenna is
a periodic function of ground plane size. In this design, the resonator is fed by an
aperture inside a SIW to minimize the back radiation inherent to the microstrip
line fed aperture. For the feeding structure, Arlon 25N microwave substrate with
relative permittivity 𝜀r = 3.38, loss tangent tan𝛿 = 0.0025 and thickness 0.762 mm
is used. The fields in the aperture determine the linear polarization of the radiation
produced by the antenna.

In addition, the losses inside the SIW feed are reduced compared to the mi-
crostrip line fed slot at such high frequency. However, further loss reduction (and
increase of radiation efficiency) might be accomplished by using substrate with lower
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loss tangent. The SIW is fed by a short section of a grounded coplanar waveguide
(GCPW) line terminated with a linear taper connected to the SIW, efficiently trans-
forming the quasi-transverse electromagnetic wave (QTEM) of the GCPW line into
the transverse electric TE10 mode of the SIW. The electric and magnetic field distri-
butions in cross-section of the resonator corresponding to the E-plane are visualized
in Fig. 3.49 and Fig. 3.50. The fields can be identified as HEM133 mode; nevertheless,
more detailed observation can show partial presence of HEM123 mode as showed in
section 3.2.

3.4.2 Antenna Design

The antenna is initially designed for 25.5 GHz center frequency and the relative
impedance bandwidth (BW) is expected to be quite small as shown in section 3.2.
The fact that a low relative permittivity material is used to build the resonator does
not help to provide larger BW since larger Q factor is associated with higher-order
modes in general (compared to e.g. HEM111 mode). Achieving enhanced directivity
while keeping high radiation efficiency and maintaining the impedance bandwidth
is the main design goal.

The dimensions of the resonator (i.e. height ℎ and diameter 𝑑) are first obtained
by scaling down the DRA antenna designed in section 3.2 and subsequently fol-
lowed by fine tuning. The magnetic wall model used for initial design, in which the
dielectric-air interfaces are considered as perfect magnetic walls; gives in our case
only about 3 % shift in the resonant frequency and therefore can be considered a
good approximation for our purpose. The model predicts the resonant frequency
to be somewhat higher; which is natural, since the lossy walls do not enforce the
Dirichlet boundary condition (𝐻t = 0 A/m) at the dielectric-air interfaces.

The width of the SIW feed is calculated so that the waveguide has the cut-
off frequency at about 18 GHz on a selected Arlon 25N substrate. In the first
design steps, the SIW is modeled as a waveguide with full vertical walls instead of
modeling individual vias which requires increased mesh complexity and eventually
computation time. The SIW model with vias is included in simulations during
tolerance analysis and final tuning. The coupling aperture length 𝑙a, the width 𝑤a

and its distance from the shorted end of the substrate integrated waveguide 𝑙s are
determined for the resonator similarly as in case of microstrip fed aperture in section
3.2.

The SIW is connected to the input 50 Ω GCPW line using linear taper with
certain length and width at the SIW-GCPW connection, and the dimensions of the
taper are obtained by optimization in CST.

The last design parameter is the size of the ground plane 𝑔, as it has been
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Fig. 3.48: Configuration of the proposed directive LTCC dielectric resonator antenna
fed by an aperture in SIW.

Fig. 3.49: Electric field distribution in the E-plane cross section of the resonator
corresponding to the HEM133 mode (𝑥𝑧 plane in Fig. 3.48).

shown that the ground plane size has considerable impact on the gain value in the
broadside direction due to the edge diffraction. The size is therefore selected to
provide maximum directivity whereas keeping the area as small as possible. Only
the square footprint of the ground plane is considered even though the circular profile
can further slightly increase the directivity. All the simulation results are given in
the following section as well as the results of the measurements.

3.4.3 Prototype and Measurements

For manufacturing of the resonator, the 9K7 Green Tape from DuPont Microcir-
cuit Materials [114] is used with electrical properties 𝜀r = 7.1 and tan𝛿 = 0.0009 at
10 GHz. For the resonator, 23 layers of the LTCC tape are needed. The final dimen-
sions of the resonator, after lamination and firing process, are: height ℎ = 5.03 mm,
𝑑 ≈ 9.80 mm. Due to the considerable height of the resonator and its layered struc-
ture, the diameter varies between 9.77 – 9.82 mm. Since the difference between the
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Fig. 3.50: Magnitude of magnetic field component 𝐻𝑦 in the E-plane cross section
of the resonator corresponding to the HEM133 mode (𝑥𝑧 plane in Fig. 3.48).

dimensions of the designed and manufactured resonators cannot be neglected (al-
most 2 %), the simulations are carried out for the dimensions of the manufactured
samples so that we have valid comparison between simulation and measurement.
The size of the resonator in simulations is therefore adjusted to correspond to the
size of the manufactured resonator.

The resonator is attached to the ground plane using special type of double-sided
duct tape with height about 50 𝜇m and relative permittivity 𝜀r ≈ 3. Due to the
above-mentioned facts, the resonance frequency is shifted to 25.8 GHz.

For interfacing, end launch connector from Southwest Microwave is attached to
the GCPW at the edge of the board. The fabricated antenna with the attached
connector can be seen in Fig. 3.51.

The reflection coefficient comparison between simulation and measurement is
depicted in Fig. 3.52. Radiation patterns in the principal planes at the frequency
25.8 GHz are finally compared in Fig. 3.53 and Fig. 3.54. Very good agreement in the
value of realized gain can be observed as well as in the shape of the main lobe. The
differences in side lobes in the E-plane between simulation and measurements are
caused by very inaccurate model of the connector which was part of the simulations.
Due to the nature of our measurement range, only patterns for one hemisphere are
measured (i.e. 𝑡ℎ𝑒𝑡𝑎 = −90∘ to 90∘).

The simulated radiation efficiency of the antenna is 87 %; however, the value can
be further increased by using lower loss material for the feeding structure compared
to Arlon 25N which is used in our case. Based on very good agreement between
simulation and measurement, we can assume that the real efficiency is not far from
the simulated value.
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Fig. 3.51: Manufactured LTCC based DRA (on the left). Without attached dielec-
tric resonator (on the right). The parameters of the antenna are: ℎ = 5.03 mm,
𝑑 ≈ 9.80 mm, 𝜀r = 7.1, 𝑔 = 34 mm. And the feeding slot dimensions are
𝑙a = 2.75 mm, 𝑤a = 0.46 mm, 𝑙s = 4 mm.
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Fig. 3.52: Simulated and measured reflection coefficient magnitude as functions of
frequency. The fractional bandwidth of the measured antenna is 2.15 %.
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Fig. 3.53: Radiation patterns of the antenna in the E-plane, which corresponds to
the 𝑥𝑧 plane according to the Fig. 3.48. Measured gain in the broadside direction is
10.8 dBi (10.9 dBi in simulations). Very good agreement inside the main lobe can
be observed between the simulated and measured results, the side lobe level and in
this plane, is mostly influenced by the presence of the 2.4 mm connector which is
modeled in simulations only as a simple brick with similar outline dimensions as the
real connector.
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Fig. 3.54: H-plane radiation patterns (i.e. 𝑦𝑧 plane in Fig. 3.48). Since the influence
of the connector in this plane is minimal, we can see excellent agreement between
simulation and measurement.
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3.5 Summary

One of the cornerstones of this dissertation lies in the gain enhancement of a sin-
gle element DRAs by utilizing the properties of the higher-order modes excited in
the simple shaped dielectric resonators. The accomplished work presented in this
chapter has dealt with the design of a high gain rectangular and cylindrical DRAs
for various frequency bands. The directive radiation pattern is obtained by excita-
tion of higher order modes, dominantly TE133 mode in rectangular and HEM133 in
cylindrical resonator, that increases the antenna’s effective area, resulting in gain en-
hancement. The structure shows narrow impedance bandwidth, although sufficient
to cover e.g. ISM frequency bands. Simultaneous excitation of other nearby modes
can extend the impedance bandwidth (as in the case of square DRA); however gain
bandwidth is not broadened by this approach.

The results of the manufactured antennas comply well with the simulations. We
have also shown how a very electrically-small air gap introduced between the ground
plane and resonator operating in HEM133 mode can further increase its peak gain
from 11.6 dBi to 13.2 dBi and reducing significantly the side lobe levels.

Low temperature co-fired ceramics technology has turned out to be very ad-
vantageous to millimeter wave HO mode DRA design. We have demonstrated it
on 25.8 GHz to produce directive DRA with high radiation efficiency. Since with
LTCC it is possible to produce more accurate shapes compared to the technique of
layering microwave substrates, the obtained measurement results agreed very well
with the simulations.
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Mutual Coupling in Higher-Order
Mode DRA Arrays

In this chapter, mutual coupling between two dielectric resonators is examined. Fo-
cus is drawn to resonators operating in higher-order modes for gain enhancement
of single element dielectric resonator antennas. The modes comprise TE113 (TE𝛿13)
and TE115 (TE𝛿15) of rectangular resonator, whose enhanced gain was described by
Petosa et al. [57, 58] and mode proposed in this theses, i.e. TE133 [116] of rectan-
gular resonator. However, the first subsection deals with mutual coupling between
resonators excited with the low-order mode of broadside radiation in rectangular
(i.e. TE111) and cylindrical (mode HEM111) resonator. We can assume the coupling
level to be reduced in case of elements with higher directivity, since in case of excita-
tion of certain element in planar array, the radiation in the array plane is decreased
in order to enhance the directivity in the broadside direction. If the main purpose
of the DRA array is to provide larger gain, we can increase the spacing between the
elements compared to fundamental mode case without significantly increasing the
side lobe levels, since lower amount of power is radiated towards the direction of
possible grating lobes. Moreover, reduced coupling of DRA elements is of interest
in dense array applications [117].

In general, mutual coupling among array elements can be responsible for ra-
diation pattern distortions that cannot be predicted by array factor and pattern
multiplication principle. Such distortions can be present in case of both, receiving
and transmitting mode of the antenna array [25]. Moreover, it can alter the input
impedance of array elements and thus cause impedance mismatch at the element
terminals. The coupling level is influenced by properties of single elements (direc-
tivity, sidelobes etc.), feeding network and last, but not least, by the separation
between neighboring elements 𝑠. In most designs of DRA arrays, the separation
distance 𝑠 between two adjacent elements lies between 0.5𝜆0 and 1𝜆0. Since the
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coupling level is proportional to the separation distance 𝑠, a very simple solution to
eliminate it is to increase the separation between the elements. Even though we are
able to minimize all the negative effects of mutual coupling with this solution, the
inter-element separation has also an influence on the generation of grating lobes and
hence large separations are impractical if the large sidelobe levels are to be avoided.
The selection of separation distance 𝑠 is therefore a tradeoff between small mutual
coupling and sidelobe levels.

The problem is analyzed using full-wave simulations in CST MWS. The method-
ology of analysis is verified on fundamental mode of rectangular resonators, for which
the results are available in the open literature. The common approach to investigate
the level of mutual coupling in antenna array is to analyze the interaction between
only two elements. Two geometrical configurations of elements are taken into ac-
count. First, the elements are located next to each other so that the E-planes of
the elements coincide (see Fig. 4.1). And second, the elements are placed so that
their H-planes coincide (Fig. 4.2). Based on the configuration we speak about E-
plane coupling or H-plane coupling. Both elements are located on top of an infinite
ground plane and fed by apertures. These apertures are then driven by discrete
ports according to Fig 4.1 and Fig 4.2. The discrete ports are used in order to sim-
plify the numerical model, since in this case the feeding network is not part of the
simulation model and thus we do not have to take care about the impedance match-
ing. Moreover, any influence of the feeding network on coupling between elements
is eliminated by this approach. Afterwards, the feeding networks for apertures are
designed and together with elements fabricated in order to provide valid comparison
between simulations and measurements. As a measure of mutual coupling we take
inter-element isolation, or rather its inverse, which is the transmission coefficient
between the discrete ports S21.
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Fig. 4.1: Configuration of two aperture-fed dielectric resonators for analyzing cou-
pling in the E-plane of the resonators (top view).
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Fig. 4.2: Configuration of two aperture-fed dielectric resonators for analyzing cou-
pling in the H-plane of the resonators (top view).

4.1 Mutual Coupling Between Dielectric Resona-
tor Antennas Excited with Their Fundamen-
tal Modes

Since the mutual coupling among the elements can deteriorate the expected behavior
of antenna array it must be often taken into account during the designing stage.
Here, a review of results available in the open literature is presented. The coupling
between the fundamental TE111 mode DRA elements is analyzed in section 5.3 and
is not repeated here.

Mutual coupling between two DRA elements was studied for the first time in
[62]. The authors theoretically derived mutual impedances and calculated mutual
coupling for two hemispherical dielectric resonators operating in broadside TE111
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mode and fed by a probe. Since hemispherical DRA is the only shape for which
analytical field solution exists, mutual coupling between rectangular and cylindrical
DRAs has been studied only numerically and experimentally in numerous papers,
where authors used either short current probe [63–66] or more frequently an aperture
[67–71] for feeding the dielectric resonators. In this way, it was possible to account
for other coupling mechanisms present in the experimental setup, most important
the direct coupling between feeds of the resonators. In all the works, the resonators
were excited with fundamental broadside radiated modes, i.e. HEM111 for cylindrical
resonators and TE111 in case of rectangular resonators.

The results of the above mentioned investigations can be roughly generalized as
follows. The coupling in the H-plane of the resonators is stronger, if the element
spacing is smaller than approximately 𝑠 = 0.5𝜆0. With increasing the spacing,
the E-plane coupling becomes stronger as it decays with spacing more steadily. At
spacing 𝑠 = 0.5𝜆0 the transmission coefficient between two cylindrical aperture-fed
dielectric resonators (𝜀r ≈ 10) is approximately about -12 dB in the E-plane and
about -15 dB in the H-plane [67, 68, 70]. At spacing 𝑠 = 1𝜆0 we can expect, for
the same resonators, transmission coefficient of about -19 dB in the E-plane and
about -30 dB in the H-plane [67, 68]. In case of probe-fed resonators [64] with
separation distance 𝑠 = 0.5𝜆0 the transmission between resonators in their E-plane
is -11.4 dB and in the H-plane -15.5 dB. At spacing 𝑠 = 1𝜆0 the transmission
coefficient decreases to -17.8 dB for E-plane and -28.0 dB for the H-plane.

Since the introduction of DRAs as array elements, plethora of papers devoted
to research and development of DRA arrays has been published, for references see
section 1.4.

4.2 Mutual Coupling Between Rectangular Reso-
nators Operating with TE113 and TE115 Mode

The directive radiation patterns of these modes were described by Petosa et al. in
[57, 58]. For design, the authors used materials with relative permittivity of 𝜀r ≈ 10
and obtained broadside radiation patters at 11 GHz with maximum gains 8.2 and
10.2 dBi with excitation of TE113 and TE115, respectively. In this section, we analyze
the mutual coupling between two identical resonators operating either with TE113 or
TE115 mode. The outcomes of the analysis are supposed to give general guidelines
for antenna array design, as we believe these elements are very promising in antenna
array applications.

In [58], two peaks can be observed in the reflection coefficient frequency response
in the frequency band of interest (resonances of two DRA modes), we optimize
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the feeding and the resonator size, in order for only one resonance (of the desired
mode) to occur around the frequency of interest. The nearby slot resonance (or
another mode resonance) could influence the coupling factor value and it would be
impossible to separate the coupling through analyzed DR mode and the coupling
through another mechanism.

In the analysis of mutual coupling, we first design isolated elements operating
with TE113 and TE115 modes. The simulation model is in this phase as simple as
possible – resonator is placed on top of an infinite PEC ground plane and fed by a
discrete port (Fig. 4.1). In order to get little closer to the manufacturable model
without any substantial increase of model complexity, a layer of 1.524 mm thick
Arlon 25N substrate with 𝜀r = 3.38 is placed below the conducting ground plane.
Moreover, the dielectric losses of all dielectrics are included in the material models.
By this approach we can mitigate almost all the issues connected with the feeding
network and we can use one symmetry plane in the model.

The geometry of the antenna can be seen in Fig 4.3 showing a single DR with a
square footprint on top of a square ground plane. The internal magnetic fields (𝐻𝑦

field component) of TE113 and TE115 in the cross-section of the resonator (𝑥𝑧 plane)
are given in Fig. 4.4.
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Fig. 4.3: Geometry of single DR element with square footprint.

4.2.1 Design and Performance of a Single TE113 and TE115

Mode Elements

Considering the design of DR operating with TE113 (and then TE115) mode we use
Arlon 1000 (𝜀r = 10) as dielectric material for element design and fabrication. Due
to the limitations of our fabrication process (i.e. layering conventional microwave
substrates), the center frequency of the design is not selected beforehand, but is
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Fig. 4.4: 𝐻𝑦 magnetic field component in the cross-section of the resonator.

arrived at in the design process. In case of the resonator design with 𝜀r = 10, we fix
the footprint size of the DR to be 6.35 mm x 6.35 mm (i.e. two layers of Arlon 1000
substrate) and optimize its height ℎ in order to obtain maximum gain at resonant
frequency as predicted by magnetic wall method. With this method, we obtain a
set of several ℎ values associated with their resonant frequencies. The analysis of
coupling is performed only for the aspect ratio of the DRA element that provide
the maximum gain. Aspect ratios are thus very similar to designs presented in [58].
We can further increase the impedance bandwidth of these antennas by using even
lower dielectric constant material; however, the enhanced gain bandwidth is in this
case more critical than the impedance bandwidth.

Since the discrete ports are used in the initial stage of our analysis, we must
determine the input impedances in order to match the input ports accordingly. In
first step, we excite the structure with 1 V signal at the input terminals and obtain
its input impedance. Afterwards, we set this value for the port impedance so that
we can calculate scattering parameters. The dimensions of the TE113 resonator that
provide maximum gain (8.7 dBi) at 9.5 GHz are 𝑤 = 6.35 mm, 𝑑 = 6.35 mm and ℎ =
15.6 mm and if the aperture length is 𝑙a = 6 mm and its width is 𝑤a = 1.2 mm, then
the input port impedance is (62 − j11.7)Ω. The situation is little different for TE115

resonator, where the maximum gain (10.3 dBi) occurs at 9 GHz with dimensions
𝑤 = 6.35 mm, 𝑑 = 6.35 mm and ℎ = 33 mm and the aperture size 𝑙a = 6.3 mm,
𝑤a = 1.26 mm. In this case the input impedance is (76.5 + j4.5)Ω.

The full-wave simulation results reveal (Fig. 4.6 and 4.8), as mentioned before,
that the impedance bandwidth is not critical, if we use dielectric material with
relative permittivity of 10 for fabrication. Furthermore, parasitic resonances in cases
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Fig. 4.5: Antenna orientation in spherical coordinate system.

of both modes can significantly broaden the impedance bandwidth. On the other
hand, neither parasitic resonances nor lower permittivity material can broaden the
enhanced gain frequency region, so the broadening the bandwidth does not make
sense from the design point of view. Figure 4.6 also shows that the resonance
frequency and frequency of the gain maximum of TE113 are not identical and the
gain maximum is shifted to a little higher frequency. Such behavior is in agreement
with published results of Petosa et al. [58]. It is interesting, that even a brute force
optimization could not find dimensions (of the resonator and the slot) that would
make resonant frequency and the frequency of the maximum gain coincide.

With TE113 mode, we are not able to avoid the higher resonance (TE115) without
sacrificing any of the advantages. However; we can assume that coupling through
this mode can be neglected in analyzing coupling between antennas operating with
TE113 mode. The frequency of interest (i.e. the resonant frequency of the resonators)
is 9.23 GHz in case of TE113 mode and precisely 9 GHz in TE115 mode.

The magnetic and electric fields of the modes are visualized in Fig. 4.4. Results
of single element reflection coefficient and frequency response of realized gain of both
modes are on Fig. 4.6 and Fig 4.8 and finally, Fig. 4.7 and Fig. 4.9 present radiation
patterns in principal planes. The antenna orientation in spherical coordinate system
is given in Fig. 4.5.
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Fig. 4.6: Reflection coefficient and realized gain as function of frequency for res-
onator with TE113 mode. The TE113 mode resonance frequency occurs at 9.2 GHz.
Realized gain at the resonance is 8.4 dBi. The gain maximum does not coincide
with the resonance.
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Fig. 4.7: Realized gain radiation patters in E- and H- plane of the TE113 mode as
obtained above infinite PEC ground plane at frequency 9.2 GHz.

4.2.2 Coupling Between the Resonators in TE113 Mode

The E-plane and H-plane arrangements of the resonators as given in Fig. 4.1 and
Fig. 4.2 are used to determine the coupling level in between the two identical res-
onators operating with TE113 mode. However, small amount of coupling might be
present in case of discrete port feeding due to surface waves in Arlon 25N substrate.
We first evaluate this coupling mechanism for different inter slot distances in suit-
able numerical model (see Fig 4.10) in which the top half space of the model is filled
with material with 𝜀r = 10, and apertures are separated by PEC wall in the top
half space, so that no coupling through this region is possible and at the same time,
the effective permittivity around the slot stays approximately unchanged. The only
coupling mechanism left is then the above mentioned surface wave trapped in the
substrate with ℎ = 1.524 mm and 𝜀r = 3.38. Then, we sweep the distance between
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Fig. 4.8: Reflection coefficient and realized gain as function of frequency for res-
onator with TE115 mode. The TE115 mode resonance occurs at 9.0 GHz. Realized
gain at the resonance is 10.4 dBi.
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Fig. 4.9: Realized gain radiation patters in E- and H- plane of the TE115 mode
as obtained above infinite PEC ground plane. Side lobe levels in both planes are
considerably higher than in the case of TE113 mode.

the slots and observe the values of the transmission coefficient. This coupling mech-
anism will occur if we feed the slots by microstrip lines or coplanar waveguides. Even
in the case of series-fed array by a waveguide (SIW) we can anticipate similar cou-
pling values. On the other hand, by using parallel SIW feeding we can significantly
eliminate transmission between apertures through the common substrate layer.

Since the parameter 𝑠 (inter-slot separation distance) is defined as the distance
between the center points of the slots and not from their edges the values for para-
metric sweep are selected as follows. In the E-plane 𝑠 ranges from 𝑠 = 2 mm up
to 𝑠 = 22 mm and in the H-plane 𝑠 = 7 to 𝑠 = 22 mm. The numerical analysis is
conducted on a model as described in above written paragraph with slots dimen-
sions 𝑙a = 6 mm and 𝑤a = 1 mm and at the frequency 9 GHz. For small inter-slot
separation distances, where the slots are very close to the PEC separation wall, the
input impedance of the slots is slightly changed, thus input matching from the dis-
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Fig. 4.10: Model for coupling evaluation due to substrate surface waves. The aper-
tures in the upper half-space are separated by infinite PEC wall.

crete port to the slot is altered. However, in simulations the input port impedance
is fixed to the constant value of 65.7Ω. Even though we manage to evaluate the
coupling between apertures through the substrate layer and prove it to be negligible
(Fig. 4.11), the direct aperture coupling above the ground plane still remains a part
of the simulation results.

We proceed to simulations of two resonators as designed in section 4.2.1, the
footprint of the resonators is of size 𝑤 x 𝑤 = 6.35 mm x 6.35 mm. Therefore, the
minimum spacing 𝑠 is selected to be 𝑠 = 6.5 mm in the E-plane as well as in the
H-plane. The spacing is varied from 𝑠 = 6.5 mm up to 50 mm, what corresponds
to electrical lengths 0.2𝜆0 – 1.55𝜆0 at the 9.2 GHz resonant frequency. The input
impedances of the ports are now matched to the input impedances of the resonators
(only the real parts), i.e. 65.7 Ω is set as the discrete port impedance. However, this
is valid only for larger spacing values, since for small distances, the input impedance
of the resonators is noticeably changed from the value of isolated element due to
the mutual coupling. Real and imaginary part of the input port impedance as
function of the inter element distance is thus shown in Fig. 4.12. On the other
hand, the magnitude of the transmission coefficient between the resonators S21 as a
function of 𝑠 is shown in Fig. 4.13. Frequency responses of the input port impedance,
transmission coefficient and reflection coefficient for two selected values of inter-
element spacing 𝑠 are given in Fig. 4.14. We select two values 𝑠 = 0.5𝜆0 and
𝑠 = 1𝜆0.
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Fig. 4.11: Transmission coefficient between the apertures caused by transmission
through underlying substrate layer (see Fig. 4.1 and Fig 3) at frequency 9 GHz.
The apertures above the substrate are separated by PEC wall and the space above
the ground plane is homogeneously filled with 𝜀r = 10 material, hence no transmis-
sion occurs in the region above the ground plane, where the coupling between the
dielectric resonators is to be analyzed.
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Fig. 4.12: Input impedance of a resonator for resonators arranged in the E-plane
(left) and in the H-plane (right).

4.2.3 Coupling Between the Resonators in TE115 Mode

The same simulation approach as deployed in the previous section is used here to
evaluate the coupling levels between two identical resonators operating in TE115

mode. The input port impedances are set to constant value 80 Ω. Transmission
coefficient in both principal planes as functions of inter element spacing 𝑠 are given
in Fig. 4.15. Moreover, real and imaginary parts of input impedance are given
in Fig. 4.16. For two values of separation distance 𝑠 = 0.5𝜆0 and 𝑠 = 1𝜆0 the
transmission, reflection coefficient and input impedance are given as a function of
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Fig. 4.13: Transmission coefficient as a function of element spacing in both principal
planes for TE113 mode (𝑓 = 9.2 GHz).
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Fig. 4.14: Reflection and transmission coefficient for two spacings 𝑠 = 0.5𝜆0 and
𝑠 = 1𝜆0 in both principal planes.

frequency (see Fig. 4.17). The presence of larger side lobes in radiation patterns
in H and E plane – assuming stronger coupling, as well we can assume stronger E
plane coupling. Coupling reduction capability of this mode is thus not that efficient
as with TE113 mode.
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Fig. 4.15: Transmission coefficient as a function of element spacing in both principal
planes for TE115 mode (𝑓 = 9 GHz).
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Fig. 4.16: Input impedance of a resonator for resonators arranged in the E-plane
(left) and in the H-plane (right) for TE115 mode.
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Fig. 4.17: Frequency response of reflection and transmission coefficient magnitude
in the E-plane (left) and in the H-plane (right) of the resonators for two values of
inter-element spacing, i.e. 𝑠 = 𝜆0/2 and 𝑠 = 𝜆0.
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4.2.4 Designs for Experimental Verification

Although feeding the resonators by theoretical discrete ports provides quick insight
into the mutual coupling and is very easy to implement in simulations, in order
to validate the full-wave simulation results by measurements, we have to modify
the model so that it corresponds to some manufacturable structure. This means,
that it is necessary to substitute the discrete port feeding of the apertures by real
transmission lines. We select microstrip lines for feeding the apertures, since they
are very simple to implement in hardware. Therefore, direct coupling between the
feeds is evaluated before performing the actual coupling analysis between the res-
onators. -using discrete ports we are able to explore coupling for very densely ar-
ranged resonators – in case of feeding network, the minimum spacing must conform
to constraints (stub length in case of microstrip line etc.)

Each of the resonators has its own feeding line, so that we have two parallel-
fed elements aligned either in their H-planes or their E-planes (see Fig. 4.18 and
Fig. 4.19). Minimum possible spacing between the resonators arranged in E-plane
is 12 mm and 10 mm in case of the H-plane arrangement.

In order to cut down the costs of the prototypes, we have fabricated only one
feeds for TE113 and TE115 mode resonators, despite the fact, that each resonator
requires slightly different feed dimensions to perform optimally. The aperture and
the stub sizes are chosen as good compromise for impedance matching for both
resonators. The aperture length is 𝑙a = 6 mm and the stub length is 𝑙s = 5.4 mm.
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Fig. 4.18: Geometrical arrangement of microstrip line fed resonators for H-plane
coupling analysis. The dimensions of the feeds and resonators are identical.
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Fig. 4.19: Geometrical arrangement of microstrip line fed resonators for E-plane
coupling analysis. The dimensions of the feeds and resonators are identical.

4.2.5 Experimental Verification

For experimental validation, the numerical models according to the Fig.4.18 and
Fig.4.19 are simulated and transmission and reflection coefficients are determined
for inter-element separation 𝑠 = 0.25𝜆0 to 𝑠 = 1𝜆0. However, to reduce the cost
of the manufactured prototypes (for each distance 𝑠 we need a separate PCB with
feeding network) we measure the s-parameters only for two separation distances,
i.e. 𝑠 ≈ 0.5𝜆0 and 𝑠 ≈ 1𝜆0. As expected the simulation results correspond to the
characteristics given in Fig. 4.12 to Fig. 4.17, therefore we do not include them
again.

The resonators operating with TE113 and TE115 modes are both build from two
layers of Arlon 1000 substrate (𝜀r = 10, tan𝛿=0.003) and glued together. Ideally, the
footprint size is supposed to be 𝑑 x 𝑤 = 6.35 mm x 6.35 mm (as in the simulations);
however, due to manufacturing tolerances and finite thickness of the glue, the final
size of the manufactured resonators is approximately 𝑑 x 𝑤 = 6.4 mm x 6.8 mm.
The size increase combined with relative permittivity tolerances of Arlon 1000 (𝜀r is
slightly higher - see section 5.3) result in frequency down-shift in all the resonators.
In case of TE113 mode, the measured resonant frequency is approximately 8.85 GHz
(9.18 GHz simulated) corresponding to relative shift of 3.7 %. In antennas operating
with TE115 mode the frequency shift is little larger with 8.57 GHz measured and
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9 GHz simulated resonant frequency, thus resulting in relative shift of about 4.9 %.
The measured scattering parameters can be found in Fig. 4.20 for TE113 mode

and in Fig. 4.21 for TE115 mode. The measurement proved reduced coupling in
both modes compared to fundamental TE111 mode. As simulations suggested, the
coupling reduction is higher in TE113 mode.

Unfortunately, due to error during preparation of the models for fabrication, the
inter-element separation distances 𝑠 of manufactured antennas are 19.75 mm and
39.5 mm for antennas operating with both modes. These values do not correspond
precisely to 0.5𝜆0 and 1𝜆0 as we have intended but rather to 0.58𝜆0 and 1.16𝜆0 for
TE113 mode and to 0.56𝜆0 and 1.13𝜆0 for TE115 mode. Of course, this data is still
relevant and we compare it to simulation results in section 4.4. The photographs of
the antennas operating with both modes can be seen in Fig. 4.22.

8 8.5 9 9.5 10
−50

−40

−30

−20

−10

0

Frequency (GHz)

|S
| (

dB
)

E−plane

S
11

S
21

, s = 0.58λ
0

S
21

, s = 1.16λ
0

8 8.5 9 9.5 10
−50

−40

−30

−20

−10

0

Frequency (GHz)

|S
| (

dB
)

H−plane

S
11

S
21

, s = 0.58λ
0

S
21

, s = 1.16λ
0

Fig. 4.20: Frequency response of reflection and transmission coefficient magnitude
in the E-plane (left) and in the H-plane (right) of the resonators operating with
TE113 mode for two values of inter-element spacing, i.e. 𝑠 = 0.58𝜆0 and 𝑠 = 1.16𝜆0.
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Fig. 4.21: Frequency response of reflection and transmission coefficient magnitude
in the E-plane (left) and in the H-plane (right) of the resonators operating with
TE115 mode for two values of inter-element spacing, i.e. 𝑠 = 0.56𝜆0 and 𝑠 = 1.13𝜆0.
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Fig. 4.22: Fabricated antennas operating with TE113 mode (left) and TE115 mode
(right). The spacing between the antennas is in both cases 0.5𝜆0. The ground planes
are identical.

4.3 Mutual Coupling Between Rectangular Res-
onators Operating with TE133 Mode

Finally, we evaluate mutual coupling between the resonators described in chapter
3. We use modified resonators with rectangular footprint. In section 3.1.5 it was
shown, that in a resonator with square footprint, multiple modes can exist close
to each other in spectrum, thus slightly expending the bandwidth of the antenna.
However, if coupling level is to be determined, we should avoid any undesirable
radiation mechanism to be present in the resonator, in case it is not vital to the
antenna operation principle. For this reason, we modify the shape of the resonator
to be of rectangular footprint and we reduce that side of the resonator in which 𝛿

halfwave-cycles are expected, as the resonator parameters should be least sensitive
in this dimension. Therefore, by reducing the size in this dimension, we can expect
slight up-shift of the resonant frequency of the target TE133 mode. This design
step results in the antenna impedance bandwidth reduction as well as in slight gain
reduction. However, we can be sure that the dominant coupling mechanism between
the resonators is that due of the desired mode.

The resonators are designed from material with relative permittivity 𝜀r = 6.15
(Arlon 600) using magnetic wall model and subsequent optimization. The perfor-
mance of the resonator is tuned approximately for 9.3 GHz resonant frequency. The
electric size of the footprint of the resonator (see Fig. 4.23) is substantially larger as
compared to the previously described resonators due to lower relative permittivity
of the material used for resonator design as well as due to higher mode indices of
our TE133 mode (in 𝑥-direction). The values for inter-element separation distances 𝑠

80



Chapter 4: Mutual Coupling in Higher-Order Mode DRA Arrays

must be selected so that the two resonators do not overlap in space and also should
not touch each other. The visualization of magnetic field component 𝐻𝑦 in 𝑥𝑧 plane
is given in Fig. 4.24

Due to the large sidelobe levels in the E-plane of the radiation pattern of TE133

mode DRA, we can assume much stronger coupling in this plane compared to the
H-plane. The E-plane coupling can be even stronger than in the case of the fun-
damental broadside-radiating mode rectangular DRA due to the larger size of the
TE133 resonators in the E-plane as well as due to increased directivity in the E-plane
for directions 𝑡ℎ𝑒𝑡𝑎 = 90∘.
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Fig. 4.23: Geometry of a TE133 mode DRA with a rectangular footprint. The
resonator is aligned in spherical coordinate system according to the Fig. 4.5.
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Fig. 4.24: Distribution of 𝐻𝑦 field component in the cross-sectional view (plane 𝑥𝑧).
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4.3.1 Single Element Characteristics

To obtain single element isolated characteristics, the ground plane was extended to
infinity and approximated by PEC. Such step modified the radiation characteristics
predominantly in the E-plane and significantly increased the sidelobe levels (SLL).
By using finite ground plane and small air gap between the resonator and the ground
plane it is possible to considerably reduce the SLL. However, the finite ground plane
would not affect the mutual coupling due to these extensive sidelobes (𝑡ℎ𝑒𝑡𝑎 = −90∘

and 𝑡ℎ𝑒𝑡𝑎 = 90∘ in Fig. 4.26).
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Fig. 4.25: Reflection coefficient and realized gain as functions of frequency for res-
onator with TE133 mode. The TE133 mode resonance occurs at 9.3 GHz.
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Fig. 4.26: Radiation patters in the E- and H- plane of the TE133 mode as obtained
above infinite PEC ground plane. Large SLL in the E-plane can be seen.
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4.3.2 Coupling Between the Resonators in TE133 Mode

Once the single element model is prepared and its characteristics evaluated, two
resonators operating with TE133 mode are aligned in their E- and H-planes according
to the Fig. 4.1 and Fig. 4.2 and fed by discrete ports with input port impedance
of 50 Ω. Transmission coefficient is evaluated for inter-element separation distances
𝑠 = 0.4𝜆0 to 1.55𝜆0 in the H-plane and 𝑠 = 0.87𝜆0 to 𝑠 = 1.55𝜆0 in the E-plane.
The reason why the separation distance in the E-plane does not start with a smaller
value is caused by physical dimensions of the resonators, as it is impossible to achieve
smaller 𝑠 than about 𝑠 = 0.84𝜆0, at this value there is a connection between the
walls of the resonators.

The large value of mutual coupling (i.e. -7.7 dB) in the E-plane at separation
distance 1𝜆0 (Fig. 4.28) and the size restrictions suggest, the elements operating
in TE133 mode are simply not suitable for arraying along their E-plane. Other
techniques (e.g. finite ground plane, EBG structures for ground plane etc.) might
be used to limit the sidelobe levels and increase the directivity in this plane. On
the other hand, the dimensions and mutual coupling performance in the H-plane
(Fig. 4.27 and Fig. 4.28) prove the possibility to use these elements for H-plane
linear arrays.
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Fig. 4.27: Transmission coefficient as a function of element spacing in both principal
planes for TE133 mode at 9.3 GHz.
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Fig. 4.28: Frequency response of reflection and transmission coefficient magnitude
in the E-plane (left) and in the H-plane (right) of the resonators for two values of
spacing, i.e. 𝑠 = 𝜆0/2 and 𝑠 = 𝜆0. The E-plane includes only the curves for 𝑠 = 𝜆0.

4.3.3 Design for Experimental Verification

The same approach as described in the section 4.2.4 is utilized here to extend the
model of aperture coupled DR antenna with microstrip line. In order to evaluate
the mutual coupling, the resonators are aligned in their E and H planes according
to the Fig. 4.18 and 4.19.

In this case, we also simulate the individual layers of substrate Arlon 600 with
interleaved layers of glue with lower relative permittivity. It turns out that the inho-
mogenous composition of the resonators has quite substantial influence on the reflec-
tion and transmission characteristics. Considering H-plane, with spacing 𝑠 = 0.5𝜆0,
the transmission coefficient in resonance is decreased from -10 dB to -14 dB and for
𝑠 = 1𝜆0, |𝑆21| =-34 dB instead of -31 dB. In the E-plane, with spacing 𝑠 = 1𝜆0, |𝑆21|
is decreased to -8.5 dB from -8 dB.

4.3.4 Experimental Verification

In field simulations without the interleaved glue layers present, the resonant fre-
quency is approximately 9.3 GHz; however, measured value is little higher 9.5 GHz.
Lower relative permittivity and the air gaps between the layers of the resonator (9
layers in total for each resonator) cause the effective permittivity of the resonator
to be somewhat lower than expected 6.15 of Arlon 600. As a result, the resonant
frequency slightly rise. This frequency change correspond to relative frequency shift
of 2.1 %. The photographs of the antennas operating with both modes can be seen
in Fig. 4.30.

In summarizing table (see 4.3), we compare measured values and values simulated
for bulk homogenous resonators, not the layered ones which results are much closer
to the measured values.
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Fig. 4.29: Frequency response of reflection and transmission coefficient magnitude
in the E-plane (left) and in the H-plane (right) of the resonators operating with
TE133 mode for two values of inter-element spacing, i.e. 𝑠 = 0.5𝜆0 and 𝑠 = 1𝜆0.

Fig. 4.30: Fabricated antennas operating with TE133 mode with separation distance
1𝜆0, aligned in the E-plane.

4.4 Summary

In our analysis, dielectric resonators operating with higher-order modes TE113 and
TE115 turn out to be suitable elements for antenna array applications. According
to simulations and measurements, both modes TE113 and TE115 are capable of de-
creasing the mutual coupling between the dielectric resonators in the E-plane as
well as in the H-plane. The excitation of HO mode can thus be considered as an
mutual coupling reduction technique. The obvious advantage is that there is no
need for additional elements between or in the vicinity of the antennas [72]. The
most important results are summed up in tables 4.1 and 4.2.

Due to considerably larger size of the TE133 mode resonators (larger footprint)
and due to the large sidelobes in the E-plane, the coupling is stronger in this plane
than in case of the fundamental TE111 mode. In the H-plane, the values are very
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similar to the fundamental mode DRA. For this reason, TE133 is not suitable for
coupling reduction; however, it can still be used for one dimensional H-plane antenna
arrays design with very similar amounts of coupling among the elements as in case
of TE111 mode antennas. The simulation and measurement results together with
comparison with TE111 mode are given in table 4.3.

Tab. 4.1: Results of measurement and simulation of transmission coefficient between
two resonators operating with HO modes, i.e. TE113.

|S21| [-]
Plane E-plane H-plane
𝑠 [𝜆0] 0.58 1.16 0.58 1.16

Meas./Sim. M S M S M S M S
TE113 -27.3 -26.5 -39.4 -39.14 -27.4 -30 -41 -43.4

Tab. 4.2: Results of measurement and simulation of transmission coefficient between
two resonators operating with HO modes, i.e. TE115.

|S21| [-]
Plane E-plane H-plane
𝑠 [𝜆0] 0.56 1.12 0.56 1.12

Meas./Sim. M S M S M S M S
TE115 -21.4 -19.0 -26.0 -24.9 -17.7 -18.2 -34.1 -35.5

Tab. 4.3: Results of measurement and simulation of transmission coefficient between
two resonators operating with HO modes, i.e. TE133.

|S21| [-]
Plane E-plane H-plane
𝑠 [𝜆0] 0.5 1 0.5 1

Meas./Sim. M S M S M S M S
TE133 - - -9.4 -8 -15.9 -10 -35.7 -31

TE111
1 -13.3 -12.9 -19.1 -19.2 - - - -

1See section 5.3 for more details on this reference antenna operating with TE111 mode
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Chapter 5

Perforated Dielectrics

As indicated in chapter 1, one of the main reasons why DRAs are not more widely
used in the design of (sub-)mm wave antennas and arrays is the complexity of fab-
rication and mechanical adjustment of individual elements on the correct positions.
Perforated dielectric structures can deal with this problem. However, in this as well
as in other applications reviewed in section 1.5, the problem of effective relative
permittivity calculation arise. In the open literature, the available formulas do not
respect the anisotropic nature of perforated dielectric layers. The main focus of this
chapter is therefore on the development of analytical model of perforated material
capable to describe anisotropic properties for transverse electromagnetic waves as
well as for surface waves propagating on perforated dielectric slabs.

The chapter is organized as follows. First, we deal with the theoretical model
of perforated dielectric material, for this we use the effective medium concept and
based on the quasi-static approach and the theory of anisotropic, more specifically
uniaxial, media, we give formulas for polarization dependent effective permittivity of
such dielectric mixtures. The uniaxiality of the material is proven by two indepen-
dent numerical techniques, i.e. modal and time domain analysis. Here, we assume
plane wave propagation in unbounded perforated dielectric material. Numerical ver-
ification of the applicability of the quasi-static formulas for microwave bands is done
using TEM waveguide concept and time domain simulations. Description of several
techniques for extraction of the effective relative permittivity is given; however we
use the unit cell analysis as a reference solution.

Second, we deal with the surface wave excitation and propagation on perforated
dielectric slabs and we determine effective relative permittivities for TE and TM
modes (TE0 and TM0 modes) by solving modified dispersion equations based on
data obtained from numerical unit cell analysis.

Last, we consider application of grounded perforated substrates to perforated
dielectric resonator antennas. We evaluate the agreement between the actual per-
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forated substrate and its homogenous equivalent. We analyze the performance of
a perforated DRA operating with the broadside radiating mode of rectangular res-
onator (i.e. TE111). We further focus on the radiation pattern alterations due to
the perforated surrounding and on input impedance compared to isolated DRA el-
ement. The analysis is performed for various air filling factors. We can assume
such structure to be more vulnerable to propagation of surface waves trapped in the
perforated substrate due to substantial value of the effective relative permittivity
compared to air. The surface waves can decrease the antenna efficiency, its gain
and cause additional ripples on the radiation patterns. However, such analysis has
not been described in the open literature yet. The isolated perforated DRA ele-
ment is analyzed first on infinite perforated dielectric covered ground plane. And in
the second case we take the edge effects into account by making the ground plane
(and perforated substrate layer) finite. We again assume that the surface waves
will increase the edge effects on the ripples of radiation patterns. Isolated element
characteristics will be the first output of this chapter. The second important result
will include the performance assessment of mutual coupling between two perforated
DRA elements operating in fundamental broadside-radiating mode. Again, we can
assume the surface waves to increase the level of mutual coupling between the res-
onators in both principal planes.

5.1 Perforated Dielectrics

From physical point of view, the perforated dielectric layers (substrates) are through-
hole porous materials in which perforations (pores) operate in sub-wavelength regime
in which it follows that the wavelength is much larger than the period of perforations
(except of the EBG applications). Since the pores do not have to be filled with air,
more general term “mixture” is sometimes used. The problem of porous media
gained a lot of attention over the last decades in applied physics community with
broad applications in material science, mechanical, civil, electrical and electronic
engineering etc.

Porous materials are created by embedding pores (in our case through hole per-
forations) into a matrix medium (dielectric substrate in our case), thus forming a
heterogeneous media of at least two constituents. The pores can have various shapes
[118] and sizes including complex fractal shapes [119], [120] It follows that in certain
cases the porous media can have anisotropic properties [121].

In porous media description, it is often desirable to determine the parameters
of the homogenized material through the effective medium theory [122], [123]. The
homogenized medium has the same macroscopic electromagnetic properties as the
heterogeneous mixture of its constituents. Assuming a quasi-static approximation
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in which the size (repetition period) of the pores is much larger (smaller) than the
wavelength and by neglecting any scattering effects on the material discontinuities,
the approximate effective media parameters can be analytically derived.

The problem of perforated dielectric layer to be solved is formulated in sections
5.1.2 together with the physical background and several theoretical models for esti-
mation of effective relative permittivity of a two-phase mixture. The section 5.1.3
then gives an overview of mathematical description of anisotropic materials, what
perforated dielectric layers undoubtedly are. Anisotropic nature of our structure is
explained and the components of the effective relative permittivity tensor are de-
rived for different electric field polarizations based on the quasi-static theoretical
models. The main motivation is to find a polarization sensitive model of perforated
dielectrics that gives better approximation than the simple model of volume aver-
aging, currently utilized in antenna and propagation related topics that does not
respect anisotropic properties of the perforated material.

5.1.1 Basic Nomenclature

Throughout the chapter, we consider time harmonic fields with e−j𝜔𝑡 time variation.
All the field quantities are thus phasors, which are functions of position r only. For
example, for instantaneous electric field intensity we can write:

E (r, 𝑡) = ℜ
{︁
E (r) e−j𝜔𝑡

}︁
, (5.1)

where 𝜔 [rad/s] is the angular frequency and E (r) is the electric field phasor and
the same can be written for magnetic fields.

For uniform, plane waves propagating in a direction determined by a wave vector
k, the electric field E (r) is given as:

E (r) = E (0) e−jkr, (5.2)

where E (0) is the electric field at a reference point. The wave vector magnitude is
usually denoted as wavenumber and in general can be complex:

|k| = 𝑘 = 𝜔
√

𝜇̃𝜀, (5.3)

where 𝜇̃ and 𝜀 are complex permeability and permittivity, respectively. In lossless
case of nonmagnetic materials we can write:

𝑘 = 𝜔
√

𝜇0𝜀, (5.4)

where 𝜇0 = 4𝜋 ·10−7 H/m is the permeability of vacuum and 𝜀 = 𝜀0 ·𝜀r is the permit-
tivity of the lossless dielectric material with 𝜀0 = 8.854 · 10−12 F/m as permittivity
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of vacuum and 𝜀r as relative permittivity. Since in general 𝑘 is complex, it can be
written as:

𝑘 = 𝛽 − j𝛼, (5.5)

In this form, the real part of the wavenumber 𝛽 is called phase constant and the
imaginary part 𝛼 is the attenuation constant. In the literature, the form of 𝑘 can
be different due to slightly different form of eq. 5.2. In lossless case 𝛼 = 0, the
wavenumber is real and identical to the phase constant 𝑘 = 𝛽.

In transmission line theory, the propagation constant is again complex and given
as 𝛾 = 𝛽 − j𝛼, with 𝛽 and 𝛼 being phase and attenuation constant as given above. If
the line is lossless 𝛼 = 0 the propagation constant is real and identical to the phase
constant 𝛾 = 𝛽.

For lossless TEM transmission lines with no waveguide dispersion, the wavenum-
ber and the propagation constant are identical 𝑘 = 𝛾. This is the case in sec-
tion 5.1.5. For this reason we use terms propagation constant, phase constant and
wavenumber interchangeably. However, this is not the case in section 5.2, where we
deal with propagation of surface waves, since these waves are of TE/TM type, and
the wavenumber and the propagation constant are different.

5.1.2 Porous Materials and the Theory of Homogenization

The theoretical foundation upon which the theory of porous dielectrics, in fact the
theory of all dielectric mixtures, is based on the Lorenz internal field theory [122,
124], which describes the electric field inside a cavity (pore) embedded in a bulk
dielectric material if external field E0 is applied. The external field E0 generates an
average macroscopic field E inside the bulk dielectric material, which includes the
electric field E1 produced by the dielectric polarization P due to the external field
E0 and thus it follows E = E0 + E1. The magnitude of E is then given by:

|E| = 𝐸 = 𝐸0 − 𝑃

𝜀0
, (5.6)

since E1 has exactly the opposite direction as the field that generated it E0.
The effect of the pores is introduced by a concept of local electric field El inside

a cavity [125] that involves the depolarization field of a single scatterer E2.

El = E + E2 = E + 1
𝜀

↔
𝑁 ·P, (5.7)

where 𝜀 is the permittivity of the background material,
↔
𝑁 is the depolarization

tensor (second order) that depends on the shape of a single pore. In suitably selected
coordinate system

↔
𝑁 becomes a diagonal matrix. The polarization per unit volume
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P depends on the dielectric properties, fractional volume and the polarizability of
the constituents. It is given as

P = 𝑛0𝛼pEl, (5.8)

where number of particles per unit volume is 𝑛0 and the polarizability is denoted
as 𝛼p [121]. The polarizability is related to the permittivity by Clausius-Mossotti
equation [125]. The total electric displacement field inside the material is

D = 𝜀E + P, (5.9)

and finally, we define the effective permittivity of a heterogeneous material 𝜀eff =
𝜀0𝜀r,eff

D = 𝜀effE. (5.10)

The connection between the effective relative permittivity of the mixture 𝜀r,eff

and the polarizability is given by the Clausius-Mossotti equation, which under the
assumptions of homogenous concentration of pores and identical polarizability of all
pores inside the unit volume states:

𝜀r,eff − 1
𝜀r,eff + 2 = 𝑛0𝛼p

3𝜀0
. (5.11)

Plethora of various mixing models to determine the effective permittivity of
heterogenous mixtures has been published in the last decades, e.g. [121, 123, 126];
however, they are all (more or less) based on the famous Maxwell Garnett (MG)
mixing rule [127, 128]. Our structure of parallel cylindrical perforations in the host
dielectric is, from the viewpoint of MG rule, a two-dimensional structure. If we
consider orientation of electric field perpendicular to the axis of perforations, the
perforations create a two-dimensional grid of circular inclusions with depolarization
factor 𝑁 = 1/2 and the MG formula can be written as:

𝜀eff = 𝜀 + 2𝑓𝜀
𝜀i − 𝜀

𝜀i + 𝜀 − 𝑓 (𝜀i − 𝜀) , (5.12)

where 𝜀i is the permittivity of the inclusions, which in case of air perforations is
𝜀i = 𝜀0 and 𝑓 denotes crucial parameter of the porous materials called porosity or
simply a volume fraction. The porosity lies between 0 and 1 and is often given in
percent.

Considering polarization parallel to the axis of perforations, the depolarization
factor is 𝑁 = 0 (there are actually no bounded pores in this case) and thus the
effective permittivity [121] is determined:

𝜀eff = 𝑓𝜀i + (1 − 𝑓) 𝜀. (5.13)
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Results of eq. 5.12 and eq. 5.13 are given in Fig. 5.1 for various values of porosity
ranging between 0 % and 100 %. The largest difference can be observed if porosity
is around 50 %.

Since 𝑁 is zero in the case of field polarization parallel to the axis of perforations,
this value of effective permittivity also represents the upper limit ofthe effective
permittivity of the porous media. After some mathematical manipulation, it can be
shown that this upper limit is actually a volumetric average of the permittivity of
the matrix and inclusions (see eq. 5.32).

Our theoretical model of anisotropic perforated dielectric for TEM waves in un-
bounded space is therefore based on the equations 5.12 and 5.13 which were derived
for the quasi-static approximation. In next sections, we verify applicability of this
model for high frequency scenarios; however still in the sub-wavelength regime. In
most of the simulations, we consider at least ten perforations per free-space wave-
length. These values can then give good approximations of effective permittivity
tensor for TE and TM waves propagating on perforated dielectric slabs. Since TE
waves have only E field component perpendicular to the axis of perforations, we can
assume that the effective permittivity should be given by eq. 5.12. On the other
hand, as we show in section 5.2, TM waves have E-field component perpendicular as
well as parallel to the axis of perforations and thus the effective permittivity should
lie somewhere between the values given by eq. 5.12 and 5.13.
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Fig. 5.1: Effective relative permittivity as a function of porosity based on Maxwell-
Garnett mixing formula for E-field perpendicular and parallel to the axis of perfo-
rations.
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5.1.3 Anisotropic Materials

In the previous section, it has been shown that the effective permittivity of the
perforated dielectric slab depends on the E field direction which makes the structure
anisotropic (electrically anisotropic [129]). In anisotropic materials, the relation
between E and D is no longer given by a scalar 𝜀, but by a permittivity tensor ↔

𝜀

D =↔
𝜀 E, (5.14)

that is, in Cartesian coordinates a 3 by 3 matrix relating all components of the fields
together: ⎛⎜⎜⎝

𝐷𝑥

𝐷𝑦

𝐷𝑧

⎞⎟⎟⎠ =

⎛⎜⎜⎝
𝜀11 𝜀12 𝜀13

𝜀21 𝜀22 𝜀23

𝜀31 𝜀32 𝜀33

⎞⎟⎟⎠×

⎛⎜⎜⎝
𝐸𝑥

𝐸𝑦

𝐸𝑧

⎞⎟⎟⎠ (5.15)

In case of lossy dielectric, the elements correspond to complex permittivities and
the permittivity tensor is Hermitian (𝜀𝑖𝑗 = 𝜀*

𝑗𝑖). In lossless case, the tensor becomes
symmetric 𝜀𝑖𝑗 = 𝜀𝑗𝑖 and thus for full characterization only 6 out of 9 components are
necessary. Moreover, it implies that the tensor is diagonalizable by suitable selection
of the coordinate system (i.e. rotation of the permittivity matrix) [130]. In this new
coordinate system, the axes are called principal axes and the permittivity tensor is
given by:

↔
𝜀=

⎛⎜⎜⎝
𝜀𝑥 0 0
0 𝜀𝑦 0
0 0 𝜀𝑧

⎞⎟⎟⎠ . (5.16)

If all three components of the permittivity tensor of anisotropic material are
different from each other, such materials are called biaxial (i.e. 𝜀𝑥 ̸= 𝜀𝑦 ̸= 𝜀𝑧).
On the other hand, if all three principal components are identical, the material is
isotropic (𝜀𝑥 = 𝜀𝑦 = 𝜀𝑧). The last group of anisotropic materials is uniaxial media.
In uniaxial material two out of three components are identical and different from
the third one, e.g. 𝜀𝑥 = 𝜀𝑦 ̸= 𝜀𝑧 . In such case, axes 𝑥 and 𝑦 are called ordinary
(𝜀𝑥 = 𝜀𝑦 = 𝜀𝑜) and the 𝑧 axis is extraordinary, or in optics it is often called optical
axis (𝜀𝑧 = 𝜀𝑒). As suggested in section 5.1.2 and demonstrated in section 5.1.4,
the perforated substrates belong into the class of uniaxial media, for which the
permittivity tensor has a form

↔
𝜀=

⎛⎜⎜⎝
𝜀𝑜 0 0
0 𝜀𝑜 0
0 0 𝜀𝑒

⎞⎟⎟⎠ . (5.17)

In a general lossless case, the propagation constant 𝛽 = |𝛽|, where 𝛽 = 𝛽𝑥ax +
𝛽𝑦ay + 𝛽𝑧az (ax, ay and az are unit vectors along Cartesian axes 𝑥, 𝑦, 𝑧) of a plane
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electromagnetic wave propagating in this material is given by Fresnel’s equation of
wave normals and which can be written in the form [131]:

𝑏2
𝑥

𝛽2 − 𝜔2𝜇𝜀𝑥

+
𝑏2

𝑦

𝛽2 − 𝜔2𝜇𝜀𝑦

+ 𝑏2
𝑧

𝛽2 − 𝜔2𝜇𝜀𝑧

= 1
𝛽2 (5.18)

however, more frequently used form of the eq. 5.18, particularly in the optics is
[129]:

𝑏2
𝑥

𝑣2
𝑝 − 𝑣2

𝑥

+
𝑏2

𝑦

𝑣2
𝑝 − 𝑣2

𝑦

+ 𝑏2
𝑧

𝑣2
𝑝 − 𝑣2

𝑧

= 0, (5.19)

where 𝑏𝑥, 𝑏𝑦, 𝑏𝑧 are components of a unit vector b perpendicular to the wavefront,
𝛽 = 𝛽b, 𝑣𝑝 is a phase velocity in the direction of a unit vector b, 𝑣𝑥, 𝑣𝑦, and 𝑣𝑧 are
principal phase velocities of propagation. The phase velocities are given as

𝑣𝑝 = 𝜔

𝛽
, (5.20)

𝑣𝑖 = 1
√

𝜇𝜀𝑖

, 𝑖 = 𝑥, 𝑦, 𝑧. (5.21)

The full forms of general both electrically and magnetically anisotropic materials
can be found e.g. in [132].

According to [129], for uniaxial media, the two solutions to eq. 5.19 are given as

𝑣2
𝑝1 = 𝑣2

𝑜 , (5.22)

𝑣2
𝑝2 = 𝑣2

𝑜 cos2 𝜃 + 𝑣2
𝑒 sin2 𝜃, (5.23)

where 𝑣𝑜, 𝑣𝑒 are principal phase velocities of ordinary and extraordinary wave and
𝜃 designates the angle between the wavefront normal and the optical axis 𝑧. The
first solution 𝑣𝑝1 corresponds to the ordinary wave propagating in the 𝑥𝑦 plane
isotropically (provided 𝑥 and 𝑦 are ordinary axes) under conditions that the electric
field vector E is perpendicular to the direction of wave normal b · E = 0 and E is
parallel to the 𝑥𝑦 plane (to both ordinary axes), i.e. 𝐸𝑧 = 0. In this case E and D
are parallel to each other and simplified relations hold true, 𝐷𝑥 = 𝜀𝑥𝐸𝑥, 𝐷𝑦 = 𝜀𝑦𝐸𝑦.

The second solution represents the extraordinary wave propagating anisotropi-
cally through the material and its phase velocity depends on the angle between the
extraordinary axis 𝑧 and the direction of wave normal b. Interesting consequence
of the equations 5.22 and 5.23 is that the phase velocity of the extraordinary wave
equals the velocity of the ordinary wave if the wavefronts of the extraordinary wave
are perpendicular to the optical axis 𝑧. Another consequence is that in 𝑥𝑦 plane the
extraordinary wave can propagate isotropically as well, provided that 𝜃 = 90∘.
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The solutions in eq. 5.22 and 5.23 can be easily rewritten in terms of propagation
constants instead of the phase velocities as

𝛽1 = 𝜔
√

𝜇𝜀𝑜, (5.24)

𝛽2 = 𝜔

√︃
𝜇𝜀𝑜𝜀𝑒

𝜀𝑒 cos2 𝜃 + 𝜀𝑜 sin2 𝜃
. (5.25)

It follows that the material parameters as seen by propagating wave are decided
by the polarization state of the wave as well as by the wave normal direction. By
convenient selection of the wave vector direction and polarization we can extract
ordinary 𝜀𝑜 and extraordinary 𝜀𝑒 permittivities from propagation constants. In case
of anisotropic materials, we deliberately do not speak about propagation direction,
since the wave vector is in general not parallel to the Poynting vector. They are
parallel only for ordinary wave and for extraordinary wave propagating in 𝜃 = 90∘

direction.

5.1.4 Classification of Perforated Substrates as Uniaxial Me-
dia

In the previous sections, based on the geometry, we suggested that the perforated
dielectric slab is anisotropic, moreover that it is uniaxial with its extraordinary axis
parallel to the axis of cylindrical perforations (axis 𝑧). If this is the case, then we
should verify the requirement stated in previous chapter, 𝜀𝑥 = 𝜀𝑦 ̸= 𝜀𝑧.

Moreover, to simplify the simulations and to further demonstrate that the ma-
terial is anisotropic, we perform simulations in order to prove the implications of
eq. 5.22 and 5.23. We test scenarios corresponding to the combinations of wave
normal directions b and initial polarization directions E0 given in eq. 5.26 to 5.30
for material with 𝑝 = 3 mm and 𝐷 = 2.5 mm (see 5.10, 𝑝 = 𝑝1 in this figure). By
considering the unit vectors of Cartesian coordinate system ax, ay, az we can write
the requirements as:

a) b ‖ ax, E0 ‖ ay (5.26)

b) b ‖ ay, E0 ‖ ax (5.27)

c) b ‖ ax, E0 ‖ az (5.28)

d) b ‖ ay, E0 ‖ az (5.29)
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e) b ‖ az, E0 ‖ ax (5.30)

In these cases we use simple method of time delay determination based on the
time domain simulations is CST MWS (see section 5.1.5). From determined time
delay and by knowing the lengths of the samples we can calculate approximate phase
velocities corresponding to all these cases. More accurate data can be obtained from
the unit cell analysis (see section 5.1.5) and we verify the time delay results with
the unit cell results. In uniaxial media with 𝑧 axis as extraordinary axis, it follows
that the phase velocities in cases a) and b) are identical (ordinary waves). Next, in
cases c) and d) the phase velocities are the same again, since extraordinary wave
is propagating at angle 𝜃 = 90∘ and last, the wave propagating under conditions
e) must have the same phase velocity as in cases c) and d), since this situation
corresponds to the extraordinary wave propagating along the extraordinary axis.

In order for the waveguide ports to work properly in 𝑥 and 𝑦 directions, we must
add small sections of homogenous material at the beginning and end of the sample
(see Fig. 5.9 for ports perpendicular to 𝑦 axis). As these sections introduce apparent
prolonging of the sample we shift the pulses in the time domain to compensate for
the delay introduced by the homogenous sections. The length 𝑙h is 0.5 mm and
relative permittivity is adjusted to a value that gives the smallest level of reflection
coefficient from the interface. In fact, this alone is one of the methods to determine
the effective relative permittivity (see section 5.1.5).

Figures 5.2 to 5.4 suggest that all the conditions on uniaxial media are fulfilled
since the time delays 𝑡1 for ordinary waves are the same and delays 𝑡2 for extraordi-
nary waves are also almost identical. To further prove the material to be uniaxial, we
analyze the unit cell for the situations given in eq 5.26 to 5.30. More detailed descrip-
tion on this analysis is given in section 5.1.5. The unit cell approach is more accurate
than the time delay method due to periodic boundary conditions and absence of the
homogenized sections. The results are dispersion diagrams corresponding to cases
a) to e) given in Fig. 5.5 and 5.6.

96



Chapter 5: Perforated Dielectrics

0 0.2 0.4 0.6 0.8 1

−0.5

0

0.5

1
N

or
m

al
iz

ed
 s

ig
na

l l
ev

el
 (
−

)

Time (ns)

a)

input
output

0 0.2 0.4 0.6 0.8 1

−0.5

0

0.5

1

N
or

m
al

iz
ed

 s
ig

na
l l

ev
el

 (
−

)

Time (ns)

b)

input
output

 

  
 

 

t1
 

 
 

t1
 

Fig. 5.2: Excitation pulses (blue) with frequency range 1-20 GHz and pulses as
received at the end of a sample with length 57 mm. These cases correspond to
ordinary wave propagation.

5.1.5 Determining Effective Relative Permittivity Tensor
for Plane Waves

In this part, we deal with the propagation of plane EM waves in unbounded per-
forated dielectrics of certain dimensions and material properties. The unbounded
medium is created as a fictional TEM rectangular waveguide in which the boundaries
in 𝑦 direction are set as either PEC (or PMC) and the boundaries in 𝑥 direction are
then PMC (PEC) (see Fig. 5.9). The goal of the work described in this section is
to determine the propagation constant (phase constant, as we do not include losses)
of perforated dielectrics as function of frequency and to subsequently calculate the
effective relative permittivity of the homogenized substance. Homogenization can be
understood simply as an approximation of the net material properties of a heteroge-
neous media with known properties of a single material. The heterogeneous material
can then be substituted by homogenous substance of resolved material properties
without any change to the wave propagation.

We start by describing the structure under test and we derive approximate an-
alytical expression for effective relative permittivity based on the air filling of the
material (the result is identical to eq. 5.13). We perform the analysis for two
most basic arrangements of cylindrical perforations, i.e. triangular and square lat-
tice, since the expressions are sometimes used incorrectly in the open literature
[100, 133]. Afterwards, we proceed to brief description of several techniques for
phase (amplitude) constant determination. Some of the techniques are only suitable
for numerical simulations (time domain, frequency domain, modal analysis) and ex-
perimental verification would be rather difficult. In each case, the phase constant is
used to calculate effective relative permittivity. The most precise method is based
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Fig. 5.3: Excitation pulses (blue) with frequency range 1-20 GHz and pulses as
received at the end of a sample with length 57 mm. These cases correspond to
extraordinary wave propagation in a plane perpendicular to the extraordinary axis.
It can be seen that the time delay 𝑡2 > 𝑡1.
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Fig. 5.4: Excitation pulse (blue) with frequency range 1-20 GHz and pulse received
at the end of a sample with length 57 mm. This case corresponds to extraordi-
nary wave with wavefront perpendicular to the extraordinary axis. The time delay
between input and output pulse is the same as in case of ordinary wave which
corresponds to uniaxial media property.
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Fig. 5.5: Dispersion diagrams corresponding to cases a), b) (left) and e) (right). In
uniaxial media, all these cases should give the same propagation constants influenced
only by the 𝜀𝑜 term of permittivity tensor.
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Fig. 5.6: Dispersion diagrams corresponding to cases c) and d). In uniaxial media,
all these cases should give the same propagation constants influenced in this case
only by the 𝜀𝑒 term of permittivity tensor.
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Fig. 5.7: Unit cell models for ordinary (left) and extraordinary (right) wave propa-
gation perpendicular to the optical axis. If not stated otherwise, periodic boundaries
are used.
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Fig. 5.8: Unit cell model for extraordinary wave propagation along the optical axis.
If not stated otherwise, periodic boundaries are used.

on the unit cell analysis and hence the full results of only this method are provided.
The results of this section have connection mostly to the area of radio optics and

transformation optics, where the properties of the perforated layers are determined
by the polarization state and the direction of propagation.

Geometry and the unit cell

The general geometry of our macroscopic TEM waveguide structure is shown in
Fig. 5.9. In here, we see a model prepared for TEM waveguide simulations, the sec-
tion of perforated dielectric is extended by sections of homogenous dielectric with
length 𝑙h. These two sections are necessary for two reasons: first, the waveguide ports
in field simulators require the structure to be longitudinally homogenous within at
least 3 mesh cells after the port and second, by adjusting the relative permittivity
of these parts, we can significantly improve the impedance matching between the
port and the material under test. The structure to be analyzed is heterogeneous
and composed of two dielectric media as explained before:
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1. The bulk dielectric to be perforated (in material research denoted as
matrix),

2. Air perforations (sometimes denoted as pores).

There are many possible shapes, orientations and distributions of the perfora-
tions given in the literature; however, we focus almost exclusively on triangular
lattice of cylindrical perforations (square lattice is partially analyzed). The period
of perforations in triangular lattice is 𝑝, but since the unit cell is to be of rectangular
form, we introduce two periodicities 𝑝𝑥 and 𝑝𝑦 = 𝑝 (see 5.10). The diameter of each
perforation is 𝐷 and to satisfy mechanical robustness criterion, it follows that 𝐷 < 𝑝

(max(𝐷/𝑝) = 1). The case in which 𝐷/𝑝 = 1 is only theoretical; in such situation
the structure loses its mechanical strength and cannot be fabricated by drilling holes
into substrate.

The height of the profile ℎ should be in case of TEM wave chosen so that the
cutoff frequency of the first waveguide mode (TM1/TE1) is sufficiently high We set
ℎ = 2.5 mm and the corresponding 𝑓𝑐(TM1) = 30 GHz. Nevertheless, the shape of
our structure should not give rise to any higher-order modes as long as they are not
excited deliberately.

x
y
z

nx px.

lh

lh

ny py.

h

Fig. 5.9: Detail of the geometry. The structure is analyzed as a TEM waveguide
with varying direction of propagation (homogenized sections, ports and boundary
conditions are adjusting depending on the direction of propagation and polarization
state). The length 𝑙ℎ of homogenous dielectrics sections at the beginning and the
end of the waveguide is exaggerated in the drawing. The actual length is about
3 meshcells for the time domain simulations and the sections are absent in the
frequency domain simulations. However, by adjusting the relative permittivity of
these sections, improved impedance matching can be achieved.
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Analytical derivation based on volume filling

The simplest theoretical model used to get an approximation of the static effective
relative permittivity of a perforated medium is based on the volumetric average. It
requires evaluation of the porosity 𝑓 , which is a ratio between volumes of the unit
cell and the dielectric material with 𝜀rd (i.e. matrix material). These models are
used in microwave and antenna engineering [5, 78, 81, 82, 107]. In triangular lattice
with period 𝑝 (Fig.5.10) we get the effective relative permittivity as

𝜀r,eff = 𝜀rd − 𝜀rd
𝜋𝐷2

4𝑝2 sin 𝜋
3

+ 𝜀r,i
𝜋𝐷2

4𝑝2 sin 𝜋
3

, (5.31)

where 𝜀rd is the relative permittivity of the initial dielectrics, 𝜀r,i is the relative per-
mittivity of the inclusions (in case of air perforations 𝜀r,i = 1), 𝐷 is the diameter of
perforations. The second term of eq. 5.31 decreases the effective permittivity due
to the missing dielectric in the perforations. Additionally, the third term increases
the permittivity by permittivity of the air in the perforations. After simple mathe-
matical manipulation and evaluating for 𝜀r,i = 1, we get more common form of the
equation 5.31

𝜀r,eff = 𝜀rd − (𝜀rd − 1) 𝜋𝐷2

4𝑝2 sin 𝜋
3

= 𝜀rd − (𝜀rd − 1) 𝑓, (5.32)

where 𝑓 is porosity of the material. We can see that this is identical to the equation
5.13.

On the other hand, in case of a square lattice, the dielectric to air ratio is different
and hence the effective permittivity expression is different as well. However, in some
publications, the authors do not notice this difference, e.g. [100, 133]. The correct
value of relative effective permittivity for square lattice is:

𝜀r,eff = 𝜀rd − (𝜀rd − 1) 𝜋𝐷2

4𝑝2 . (5.33)

One of the main problems with these formulas is that they do not respect the
anisotropic nature of the perforated materials. If we recall the outcomes of the
previous section, these formulas give quasi-static effective permittivity values for
polarization parallel to the axis of perforations.

Time delay

One way to obtain the effective relative permittivity using time domain simulations
is to determine the time delay Δ𝑡 between transmitted and received pulse and by
knowing the length of the sample Δ𝑙 = 𝑛𝑥 · 𝑝𝑥, the phase velocity can be evaluated.
The reference planes of the ports should be adjusted to positions, where homogenous
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sections touch perforated sections, or the delay caused by the homogenous sections
must be accounted for in the calculations. If the media is nondispersive the relative
permittivity can be calculated from the obtained phase velocity 𝑣p = Δ𝑡/Δ𝑙 as:

𝜀r,eff =
(︃

𝑐
Δ𝑡

Δ𝑙

)︃2

, (5.34)

where 𝑐 is the speed of light in vacuum. The disadvantage is that for a good
resolution, narrow pulse is required; however, stronger dispersion degrades the time
resolution in this case and if dispersion is present, this method is not suitable.

Phase delay

Determining the total phase delay caused by the sample of length Δ𝑙 = 𝑛𝑥 · 𝑝𝑥 is
another way of obtaining effective relative permittivity from simulations of single
model. In this case, we must plot the phase of a suitable component of electric field
E or magnetic field H (depends on the polarization and direction of propagation)
over a curve of length Δ𝑙. We define a curve of length of Δ𝑙 perpendicular to both,
perforations and input/output ports and evaluate desired field component’s phase
over this curve (total phase). The results of this method might be deteriorated
by certain reflections between homogenous and perforated sections and by exact
position of the curve. This technique can also be used for surface wave analysis by
considering suitable field component.

Standing wave pattern

By substituting the second port with PEC wall and removing the section of ho-
mogenous dielectric adjacent to the second port, we eliminate one partial reflection
between homogenous and perforated sections and create interference of two waves.
From interference pattern over a curve (as defined in previous section) we can mea-
sure the distance between two field minima. This distance then corresponds to a
half of a wavelength in examined material 𝜆/2. Effective relative permittivity can
be calculated from:

𝜀r,eff =
(︃

𝜆0

𝜆

)︃2

. (5.35)

Two-line method

The two-line method requires simulations of two models with different lengths
Δ𝑙 = 𝑙𝑙 − 𝑙𝑠, where 𝑙𝑙 is the length of the longer and 𝑙𝑠 of the shorter section.
From S-parameters corresponding to these two models we first determine the phase
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constant as [82]

𝛽 =

⃒⃒⃒
arg 𝑆𝑙

21 − arg 𝑆𝑠
21

⃒⃒⃒
Δ𝑙

(5.36)

and Δ𝑙 should be an integer multiple of the lattice period 𝑝, in this case 𝑝𝑥. From
known phase constant we get 𝜀r,eff simply as:

𝜀r,eff =
(︃

𝛽𝜆0

2𝜋

)︃2

, (5.37)

where 𝛽 is obtained as a phase difference between a longer and a shorter section
divided by the length difference between these two models Δ𝑙.

Attenuation constant can be calculated from the magnitudes of the 𝑆21 param-
eters as [82] ⃒⃒⃒

𝑆𝑙
21

⃒⃒⃒
= e−𝛼Δ𝑙 |𝑆𝑠

21| , (5.38)

𝛼 = −
ln
(︁⃒⃒⃒

𝑆𝑙
21

⃒⃒⃒
|𝑆𝑠

21|
)︁

Δ𝑙
. (5.39)

The advantage is that the influence of the reflections between homogenous and
perforated sections can be mitigated and more accurate values of attenuation con-
stant can be obtained. For this reason, we can use this technique to determine the
attenuation constants of perforated materials in case of TEM wave as well as in case
of TE/TM surface waves.

We use this technique later in section 5.2 to verify the results of the unit cell
analysis in case of TM0 surface waves on dielectric covered ground plane.

Reflection coefficient

Another straightforward technique to determine 𝜀r,eff is to evaluate reflection coef-
ficient Γ for a plane wave with normal incidence on a planar interface between free
space and heterogeneous dielectric mixture

Γ = 𝑍1 − 𝑍0

𝑍1 + 𝑍0
, (5.40)

where 𝑍0 and 𝑍1 are intrinsic impedances of free space and dielectric mixture under
examination, respectively. In general, we can write for intrinsic impedance (and for
lossless case):

𝑍 =
√︃

j𝜔𝜇

𝜎 + j𝜔𝜀
=𝑙𝑜𝑠𝑠𝑙𝑒𝑠𝑠−→

√︂
𝜇

𝜀
. (5.41)

This technique can be implemented numerically using TEM waveguide concept with
suitable boundary conditions and effective dielectric constant is then evaluated using
transmission line theory as in [134, 135].
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Unit cell analysis

The perforated material can also be analyzed as a periodic structure, in which the
unit cell is repeated in one or two dimensions indefinitely using periodic boundary
conditions and Floquet theory. Full material characterization under these conditions
requires only the analysis of a single unit cell. Even though the structure can be
described by triangular grid with periodicity 𝑝, for our purpose the unit cell must
be formed as a rectangle with two periodicities: 𝑝𝑥 designates the periodicity in the
𝑥-direction and 𝑝𝑦 periodicity in the 𝑦-direction (Fig.5.10). The extraordinary axis
of the material is aligned with 𝑧 – axis of the coordinate system.

Unit cell

p1

p2D

p1

p1p1

x

yz

Fig. 5.10: Triangular lattice and the unit cell detail

From unit cell figure (Fig. 5.10) we can see that

𝑝𝑦 = 𝑝, (5.42)

𝑝𝑥 = 𝑝
√

3. (5.43)

Using modal analysis in CST Eigenmode solver we determine the dispersion
diagrams of the unit cell for three electric field vector orientations (along the unit
vectors). In case of E aligned parallel with 𝑥-axis, we set top and bottom boundary
condition to be PEC (Perfect Electric Conductors) and all four side walls are periodic
boundary conditions. On periodic walls, perpendicular to 𝑦-axis we set zero phase
difference (magnetic walls can be used for this polarization as well) and on the walls,
perpendicular to 𝑧-axis we gradually set values from 0∘ to 180∘ (see Fig. 5.7). The
results are eigenfrequencies corresponding to these phase shifts (Fig. 5.11 to 5.13).

This analysis is performed for three different values of period 𝑝 (𝑝 = 0.8 mm
𝑝 = 1.5 mm, 3 mm) and for each period, three different diameters of perforations
are considered, 𝐷 = 𝑝/2, 𝐷 = 2𝑝/3, 𝐷 = 5𝑝/6 and 𝐷 = 𝑝. For example, for period

105



Chapter 5: Perforated Dielectrics

𝑝 = 3 mm, the perforation diameters are 1.5, 2, 2.5 and 3 mm. It should be men-
tioned that the case in which 𝐷 = 𝑝 is only theoretical and cannot be achieved in
practical application, since the structure would lose its mechanical robustness. The
exact values of the periods and diameters of perforations are selected to be approx-
imately 𝜆0/10, 𝜆0/20 and 𝜆0/37.5 at frequency 10 GHz, with free space wavelength
30 mm.

Unit cell analysis does not allow us to receive attenuation constant of the mate-
rial, only the phase constant can be obtained by considering total phase change over
one meter. Knowing the phase difference over one unit cell Δ𝑝ℎ𝑎𝑠𝑒 and the length
of the unit cell 𝑙 in the direction in which phase difference of Δ𝑝ℎ𝑎𝑠𝑒 is applied, we
can get the phase constant at calculated eigenfrequency as:

𝛽 = Δ𝑝ℎ𝑎𝑠𝑒

𝑙
. (5.44)

In this way, we repeat the simulations for TEM waves propagating in directions
of axes 𝑥, 𝑦, 𝑧 (principal axes) with two states of polarizations with respect to the
structure geometry (if possible), i.e. electric field vector E parallel to the axis of
cylindrical perforations and E perpendicular to the axis of perforations.

From theory, it follows that the propagation constant of a wave in anisotropic
medium is determined by its polarization state with respect to the material’s prin-
cipal axes of anisotropy. In our situation, it means the propagation constant for
TEM wave propagating in ±𝑦 direction is proved to be the same as the propaga-
tion constant of waves propagating in ±𝑥 or ±𝑧 directions with the E field oriented
perpendicular to the axis of perforations. The simulation results also show that the
propagation constant in 𝑥 and 𝑦 directions are the same making the media uniax-
ial, despite the triangular lattice. This holds true for both polarization states (E
perpendicular and parallel to the axis of perforations). It means that the exact
arrangement of the perforations is not relevant to the material properties and the
same results, from the qualitative point of view would, be acquired in case of dif-
ferent lattices, e.g. square, honeycomb etc. In terms of uniaxial media, we call the
axis of perforations (𝑧 axis in Fig. 5.10) extraordinary axis and the axes 𝑥 and 𝑧

ordinary axes. It should be noted that this holds true only in the sub-wavelength
regime of the perforations.

The propagation constants at calculated eigenfrequencies are then used to eval-
uate equivalent effective relative permittivity tensor of homogenized dielectrics (eq.
5.17).

𝛽 = 2𝜋

𝜆
=

2𝜋
√

𝜀r,eff

𝜆0
, (5.45)

𝜀r,eff = 𝛽2𝜆2
0

4𝜋2 , (5.46)
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where 𝛽 is the phase constant, 𝜆 is the wavelength in homogenized perforated di-
electric, 𝜆0 is the free space wavelength and 𝜀r,eff is the effective relative permittivity
of the homogenized perforated dielectric.

At higher frequencies, where the size of the period and perforations is closer to
the wavelength, the material behaves as an Electromagnetic Band Gap structure
[79, 80]. On top of the material dispersion of perforated dielectrics, the structure
shows also waveguide dispersion and there is no sense in evaluation of the effective
relative permittivity without taking waveguide dispersion into consideration. Due
to our application, we decided to focus on dimensions that did not show bandgap
behavior (i.e. sufficient number of perforations per wavelength) and where material
homogenization can be utilized without any additional effects. The maximum fre-
quency in the presented results is limited to approximately 40 GHz. The dispersion
characteristics for all values of 𝑝 and 𝐷 are given in Fig. 5.11 to 5.13. The effective
relative permittivities are then given in Fig. 5.14 to Fig. 5.16.
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Fig. 5.11: Dispersion diagrams for unbounded perforated dielectric material with
𝑝 = 3 mm for polarization parallel - extraordinary wave (left) and perpendicular -
ordinary wave (right) to the axis of perforations.
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Fig. 5.12: Dispersion diagrams for unbounded perforated dielectric material with
𝑝 = 1.5 mm for polarization parallel - extraordinary wave (left) and perpendicular -
ordinary wave (right) to the axis of perforations.
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Fig. 5.13: Dispersion diagrams for unbounded perforated dielectric material with
𝑝 = 0.8 mm for polarization parallel - extraordinary wave (left) and perpendicular -
ordinary wave (right) to the axis of perforations.
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Fig. 5.14: Effective relative permittivities for extraordinary (left) and ordinary
(right) wave in homogenized dielectric material with 𝑝 = 3 mm.
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Fig. 5.15: Effective relative permittivities for extraordinary (left) and ordinary
(right) wave in homogenized dielectric material with 𝑝 = 1.5 mm.
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Fig. 5.16: Effective relative permittivities for extraordinary (left) and ordinary
(right) wave in homogenized dielectric material with 𝑝 = 0.8 mm.
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5.1.6 Results

The absolute dimensions of the single perforations are not that important if we oper-
ate the structure at wavelengths much smaller than the period of perforations. Un-
der this condition, the permittivity is controlled only by the 𝐷/𝑝 ratio (i.e. porosity
𝑓). The comparison between results of theoretical model based on Maxwell-Garnett
mixing rules (eq. 5.12 and 5.13) and numerical simulations for period of perforations
𝑝 = 0.8 mm is given in Fig. 5.17. The agreement at lower frequencies (10 GHz),
where 𝑝 = 𝜆0/37.5 is excellent, in addition, the theoretical model seems quite accu-
rate even at 40 GHz, where 𝑝 = 𝜆0/9.4.
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Fig. 5.17: Comparison between theoretical model based on Maxwell-Garnett mixing
rules (solid lines) with simulation results (triangles) for 𝑝 = 0.8 mm.

5.2 Surface Wave Propagation in Perforated Sub-
strates

In the previous section, the anisotropy of unbounded perforated dielectrics for TEM
wave propagation has been examined. Building on the results presented above,
in this section we turn our attention to a little different problem. We deal with
propagation of surface waves in perforated substrates, since as it has been shown
in previous chapter, the relative permittivity of manufacturable structure (ratio
𝐷/𝑝 < 1) can be quite significant and starts between values 3-4. Again, we assume
sub-wavelength regime of the perforations, in which the perforations are used only
to decrease the effective relative permittivity of the substrate and not to serve as an
EM band gap structure. The perforations with permittivity control function have
been extensively used in transmission line and antenna research/design; however, to
the author’s knowledge, the evaluation of the surface wave phenomena in such cases
has not been described in the open literature. As the thesis focuses on DRAs, the
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main application is to determine how the surface waves in the perforated substrate
influence the performance of a single element DRA and how it affects the mutual
coupling between such elements. Moreover, we want to show that the anisotropy
determined in previous section influences also the propagation constants of TE/TM
surface wave modes. We thus derive effective relative permittivities as seen by trans-
verse electric and transverse magnetic modes of surface waves. The outcomes can
be applied to any other antenna/transmission line elements realized with perforated
dielectrics (e.g. microstrip lines, dielectric waveguides, patch antennas, dielectric
rod antennas, planar lenses etc.).

5.2.1 Surface Waves on Dielectric Slabs

Dielectric slab waveguide is one type of dielectric waveguides in which a wave can
propagate without attenuation. The slab is a single layer of homogenous dielectric
of certain permittivity 𝜀d (relative permittivity is 𝜀rd and relative permeability is
assumed to be 𝜇rd = 1) with height 2ℎ surrounded from top and bottom by di-
electric regions of smaller relative permittivity (mostly air). In such configuration
and under certain conditions, electromagnetic waves can become trapped in between
the interfaces due to the total internal reflection and propagate as surface waves of
TM and/or TM type. Detailed descriptions based on modal analysis approach or
ray tracing methods can be found in e.g. [1, 136, 137]. In here, we only give the
most basic theoretical background that is required to determine the properties of
perforated dielectrics with respect to surface waves propagation.

2h

Homogenized dielectric slab,

x
y

z Air, 

εrd = εr,eff
εr = 1

Air,εr = 1

Fig. 5.18: Geometry of the dielectric slab with coordinate system.

The geometry of a general dielectric slab problem is given in Fig. 5.18. Under the
assumption that the slab is infinite in the 𝑥 direction, we can consider the problem to
be two-dimensional, allowing no field variation in the 𝑥 direction. The surface waves
are then the waves TE/TM propagating along the slab in the 𝑦 direction (or −𝑦) and
can be of two types: even and odd. The type is determined by the symmetry of the
magnetic vector potential A, which in this case, has only the 𝐴𝑦 = 𝐴 component. In
grounded slab waveguide in which one surface of the slab is covered by a conductor,
even TM and odd TE modes do not satisfy boundary conditions and thus are not
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supported by the structure. In our notation, the coordinate system is somewhat
rotated with respect to common notation found in the literature, i.e. we have aligned
the extraordinary axis of our geometry with 𝑧 axis and the direction of propagation
along the slab is thus 𝑦. Moreover, as our dielectric layer is heterogeneous, we assign
it relative permittivity of homogenous equivalent 𝜀rd = 𝜀r,eff and the propagation
constant in homogenized dielectric is indicated as 𝛽𝑑.

In case of even modes, propagating in the +𝑦 direction we can write for the
dielectric region, i.e. for region |𝑧| < ℎ

𝐴𝑒
𝑑 = 𝐵𝑒 cos (𝛽𝑧𝑑𝑧)e−j𝛽𝑦𝑦, |𝑧| < ℎ, (5.47)

and in the air regions
𝐴𝑒

𝑎 = 𝐶𝑒e𝛼𝑧0|𝑧|e−j𝛽𝑦𝑦, |𝑧| ≥ ℎ, (5.48)

where 𝐵 and 𝐶 are constants, 𝛽𝑧𝑑 is propagation constant in the 𝑧 direction in di-
electrics, 𝛽𝑦 is the propagation constant in the 𝑦-direction and 𝛼𝑧0 is the attenuation
constant in air, in 𝑧-direction.

Similarly, for the odd modes, we can write in the dielectric region:

𝐴𝑜
𝑑 = 𝐵𝑜 sin (𝛽𝑧𝑑𝑧)e−j𝛽𝑦𝑦, |𝑧| < ℎ, (5.49)

and again for the air regions

𝐴𝑜
𝑎 = 𝐶𝑜e−𝛼𝑧0|𝑧|e−j𝛽𝑦𝑦, 𝑧 ≥ ℎ, (5.50)

𝐴𝑜
𝑎 = −𝐶𝑜e𝛼𝑧0|𝑧|e−j𝛽𝑦𝑦, 𝑧 ≤ ℎ, (5.51)

From equations 5.47 to 5.51 it follows that the waves propagate in 𝑦 direction
without attenuation if both 𝛽𝑧𝑑 and 𝛼𝑧0 are real; however, in the 𝑧 direction, the
field distribution is given either by sine or cosine function within the dielectric layer
and decays exponentially in the air region, hence the waves in the 𝑧-direction in the
air region are of evanescent nature.

The separation equation for dielectric region is

𝛽2
𝑧𝑑 + 𝛽2

𝑦 = 𝛽2
𝑑 = 𝜔2𝜇0𝜀𝑑, (5.52)

and in the air regions:
−𝛼2

𝑧0 + 𝛽2
𝑦 = 𝛽2

0 = 𝜔2𝜇0𝜀0. (5.53)

The separation equations hold true for all even and odd TE and TM modes.
The electric and magnetic fields in the air regions are not interesting for the

further analysis and can be found in [1, 136]. On the other hand, the electric and
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magnetic fields within the dielectric slab are then for even TM modes in rectangular
coordinate system obtained from magnetic vector potential using [1]

𝐸𝑥 = −j 1
𝜔𝜇0𝜀𝑑

𝜕2𝐴𝑒
𝑑

𝜕𝑥𝜕𝑦
, (5.54)

𝐸𝑧 = −j 1
𝜔𝜇0𝜀𝑑

𝜕2𝐴𝑒
𝑑

𝜕𝑧𝜕𝑦
= 𝛽𝑧𝑑𝛽𝑦

𝜔𝜇0𝜀𝑑

𝐵𝑒 sin (𝛽𝑧𝑑𝑧)e−j𝛽𝑦𝑦, (5.55)

𝐸𝑦 = −j 1
𝜔𝜇0𝜀𝑑

(︃
𝜕2

𝜕𝑦2 + 𝛽2
𝑑

)︃
𝐴𝑒

𝑑 = −j
𝛽2

𝑑 − 𝛽2
𝑦

𝜔𝜇0𝜀𝑑

𝐵𝑒 cos (𝛽𝑧𝑑𝑧)e−j𝛽𝑦𝑦, (5.56)

𝐻𝑥 = 1
𝜇0

𝜕𝐴𝑒
𝑑

𝜕𝑧
= −𝛽𝑧𝑑

𝜇0
𝐵𝑒 sin (𝛽𝑧𝑑𝑧)e−j𝛽𝑦𝑦, (5.57)

𝐻𝑧 = − 1
𝜇0

𝜕𝐴𝑒
𝑑

𝜕𝑥
= 0, (5.58)

𝐻𝑦 = 0. (5.59)

And for the odd TM modes:

𝐸𝑥 = −j 1
𝜔𝜇0𝜀𝑑

𝜕2𝐴𝑜
𝑑

𝜕𝑥𝜕𝑦
= 0, (5.60)

𝐸𝑧 = −j 1
𝜔𝜇0𝜀𝑑

𝜕2𝐴𝑜
𝑑

𝜕𝑧𝜕𝑦
= − 𝛽𝑧𝑑𝛽𝑦

𝜔𝜇0𝜀𝑑

𝐵𝑜 cos (𝛽𝑧𝑑𝑧)e−j𝛽𝑦𝑦, (5.61)

𝐸𝑦 = −j 1
𝜔𝜇0𝜀𝑑

(︃
𝜕2

𝜕𝑦2 + 𝛽2
𝑑

)︃
𝐴𝑜

𝑑 = −j
𝛽2

𝑑 − 𝛽2
𝑦

𝜔𝜇0𝜀𝑑

𝐵𝑜 sin (𝛽𝑧𝑑𝑧)e−j𝛽𝑦𝑦, (5.62)

𝐻𝑥 = 1
𝜇0

𝜕𝐴𝑜
𝑑

𝜕𝑧
= 𝛽𝑧𝑑

𝜇0
𝐵𝑜 cos (𝛽𝑧𝑑𝑧)e−j𝛽𝑦𝑦, (5.63)

𝐻𝑧 = − 1
𝜇0

𝜕𝐴𝑜
𝑑

𝜕𝑥
= 0, (5.64)

𝐻𝑦 = 0. (5.65)

The equations 5.54 to 5.65 demonstrate that the electric field vector of TM modes
have components oriented in the 𝑦 and 𝑧 directions. It means the propagating TM
wave on uniaxial perforated substrate (see Fig. 5.19) have electric field components
parallel to the ordinary axis as well as to the extraordinary axis. The permittivity
of the material should then lie somewhere between the values 𝜀𝑒 and 𝜀𝑜 determined
in section 5.1.5.
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Fig. 5.19: Electric field distribution of TM0 wave on grounded perforated substrate.
The cut corresponds to 𝑦𝑧 plane according to the Fig. 5.18.

Using duality between the TM and TE mode formulation, for TE modes we
would arrive at the conclusion, that the only non-zero electric field component of
TE waves is the one oriented parallel to the 𝑥 axis (𝐸𝑥). The TE waves in perforated
substrate thus have E-field oriented parallel to the ordinary axis of the anisotropic
substrate and should be completely described by 𝜀𝑜.

For the analysis and extraction of the effective permittivity of a perforated slab
waveguide, we must define the dispersion relations. The detailed derivation of these
formulas can be found in e.g. [1]. The dispersion relations for the TM and TE modes
considering dielectric slab with permittivity 𝜀d = 𝜀rd𝜀0 and permeability 𝜇d = 𝜇0

surrounded by air with material properties 𝜀0, 𝜇0 are given by:

− 1
𝜀rd

(𝛽𝑧𝑑ℎ) cot (𝛽𝑧𝑑ℎ) = 𝛼𝑧0ℎ even TM, (5.66)

1
𝜀rd

(𝛽𝑧𝑑ℎ) tan (𝛽𝑧𝑑ℎ) = 𝛼𝑧0ℎ odd TM, (5.67)

− (𝛽𝑧𝑑ℎ) cot (𝛽𝑧𝑑ℎ) = 𝛼𝑧0ℎ even TE, (5.68)

(𝛽𝑧𝑑ℎ) tan (𝛽𝑧𝑑ℎ) = 𝛼𝑧0ℎ odd TE. (5.69)

For unattenuated propagation of electromagnetic waves, all the three coefficients:
𝛽𝑧𝑑, 𝛼𝑧0 and 𝛽𝑦 must be real. This holds true only if the following relation is satisfied:

𝛽0 < 𝛽𝑦 < 𝛽𝑑. (5.70)
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The cutoff frequencies of the surface wave modes are then given for both TE𝑚 and
TM𝑚 modes of even (𝑚 = 1, 3, 5, . . . ) and odd (𝑚 = 0, 2, 4, . . . ) type by equation
5.71.

𝑓𝑐 = 𝑚

4ℎ
√︁

𝜇0𝜀0 (𝜀rd − 1)
. (5.71)

In our analysis, we consider only the lowest order TE and TM modes, i.e. odd
modes TM0 and TE0 to examine the behavior of surface waves on anisotropic sub-
strate. For practical application to dielectric resonator antennas, only TM0 mode is
of interest as it has zero cutoff frequency. The propagation of TE0 is not supported
by a grounded dielectric slab and the lowest order TE mode is TE1.

5.2.2 Determining Effective Relative Permittivity for TM/TE
Waves from Unit Cell Analysis

Usually, in the analysis and design of dielectric slab waveguides, one is familiar with
the height of the slab 2ℎ and with its material properties (𝜀rd, 𝜇rd) and the cutoff
frequencies and propagation constants are to be solved. For this reason, one must
solve the transcendent dispersion equations (eq. 5.66 to 5.69). One of the methods
to solve such equations is based on graphical numerical technique [137], which allows
us to determine all propagating modes and their propagation constants.

However, we must proceed differently, since we are not interested in the propa-
gation constants but rather in the material parameters of the slab. For simplicity,
in the following text we denote the effective relative permittivity of the slab by 𝜀rd.
The task now is to determine effective 𝜀𝑟𝑑 of the perforated slab in TE0 and TM0

propagating wave from known propagation constant in the 𝑦 direction 𝛽𝑦. We ob-
tain 𝛽𝑦 from unit cell analysis in eigenmode solver in CST MWS (see Fig. 5.20). In
unit cell analysis, we proceed similarly like in the case of TEM wave in section 5.1.5.
However, here we must add space above the dielectric slab, since the wave prop-
agates partially in the air above the substrate. For TM0 wave we set boundary
condition at the bottom to PEC and for TE0 mode to PMC, the boundaries at the
top are then dual to those at the bottom. Nevertheless, if the height of the com-
putational domain is sufficient and the fields decay to negligible values at the top
boundary, the exact type of this boundary should not be relevant for the results (at
least from some minimum phase shift). Ideally we would set the top boundary to
some type of absorbing boundary; however in CST only PEC and PMC can be used
in combination with the Eigenmode solver.

For TM0 mode analysis 𝜀rd is rewritten in terms of 𝛽𝑧𝑑 and the final form of the
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Fig. 5.20: Unit cell for TM0 mode analysis (left) and for TE0 mode analysis (right).
Height of the substrate ℎ1 = 3.175 mm and height of the computational domain
ℎ2 = 20ℎ1.

transcendent dispersion equation to be solved numerically is:

𝛽2
0

𝛽2
𝑧𝑑 + 𝛽2

𝑦

(𝛽𝑧𝑑ℎ) tan (𝛽𝑧𝑑ℎ) = 𝛼𝑧0ℎ, (5.72)

where 𝛽𝑧𝑑 is our unknown. After obtaining 𝛽𝑧𝑑 we can calculate 𝜀rd for certain mode
from modified eq. 5.73

𝛽𝑧𝑑 = ±
√︁

𝛽2
𝑑 − 𝛽2

𝑦 = ±
√︁

𝜀rd𝛽2
0 − 𝛽2

𝑦 , (5.73)

since 𝛽𝑑 = 𝛽0
√

𝜀rd. On the other hand, 𝛼𝑧0 is calculated by modifying separation
equation eq. 5.53 in air region

𝛼𝑧0 = ±
√︁

𝛽2
𝑦 − 𝛽2

0 . (5.74)

In case of TE0 mode, we solve eq. 5.75 for 𝛽𝑧𝑑 and again use eq. 5.76 to obtain
𝜀rd

𝛽𝑧𝑑ℎ tan (𝛽𝑧𝑑ℎ) = 𝛼𝑧0ℎ. (5.75)

Once the propagation constant 𝛽𝑧𝑑 is known, the effective relative permittivity for
TE0 mode 𝜀rd,TE, and for TM0 mode 𝜀rd,TM is then calculated as

𝜀rd =
𝛽2

𝑧𝑑 + 𝛽2
𝑦

𝛽2
0

. (5.76)
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The dispersion relations as obtained from eigenmode analysis of a single unit cell
for three periods 𝑝 = 3 mm, 1.5 mm and 0.8 mm are given for TM0 and TE0 modes
in Fig. 5.21 to 5.23. For every period several diameters of perforations were selected
ranging between 𝐷 = 𝑝/2 and 𝐷 = 𝑝.

Our hypothesis that the TE modes are less affected by propagating in perforated
dielectric slab is confirmed. By observing the effective relative permittivity of the
slabs with the same 𝐷/𝑝 ratios (for different 𝑝) we see that the values of effective
𝜀rd are very close to each other as well as to values of 𝜀rd as obtained for TEM
wave propagation in unbounded media (ordinary wave). In case of TM0 wave the
situation is more complicated, as we have anticipated. The permittivity is slowly
increasing with the frequency and the permittivity values lie in the range predicted
by equations 5.12 and 5.13; however, much closer to the upper limit. The effective
relative permittivities as functions of frequency are given in Fig. 5.24 to 5.26.

In Fig. 5.26 for 𝑝 = 0.8 mm, we can see that for frequencies up to circa 17 GHz,
the permittivity values follow steeper trend than in rest of the band. It must be
verified by different and independent method if this behavior is caused by the struc-
ture or by the unsuitability of eigenmode analysis approach for such low frequencies.
The reason for this suspicion stems from the boundary conditions of the unit cell,
where the region is bounded from top by PMC boundary condition (see Fig. 5.20).

0 200 400 600 800 1000
0

10

20

30

40

F
re

qu
en

cy
 (

G
H

z)

β (rad/m)

TM
0

light line
D = 3 mm
D = 2.5 mm
D = 2 mm
D = 1.5 mm

0 200 400 600 800 1000
0

10

20

30

40

F
re

qu
en

cy
 (

G
H

z)

β (rad/m)

TE
0

light line
D = 3 mm
D = 2.5 mm
D = 2 mm
D = 1.5 mm

Fig. 5.21: Surface wave TM0 (left) and TE0 (right) mode dispersion diagrams for
perforated dielectric layer with height ℎ = 3.175 mm and period of perforations
𝑝 = 3 mm.
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Fig. 5.22: Surface wave TM0 (left) and TE0 (right) mode dispersion diagrams for
perforated dielectric layer with height ℎ = 3.175 mm and period of perforations
𝑝 = 1.5 mm.
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Fig. 5.23: Surface wave TM0 (left) and TE0 (right) mode dispersion diagrams for
perforated dielectric layer with height ℎ = 3.175 mm and period of perforations
𝑝 = 0.8 mm.
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Fig. 5.24: Effective relative permittivities of homogenized equivalent dielectric layer
as extracted for TM0 (left) and TE0 (right) mode surface wave propagating on
perforated dielectric layer with height ℎ = 3.175 mm and 𝑝 = 3 mm.
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Fig. 5.25: Effective relative permittivities of homogenized equivalent dielectric layer
as extracted for TM0 (left) and TE0 (right) mode surface wave propagating on
perforated dielectric layer with height ℎ = 3.175 mm and 𝑝 = 1.5 mm.
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Fig. 5.26: Effective relative permittivities of homogenized equivalent dielectric layer
as extracted for TM0 (left) and TE0 (right) mode surface wave propagating on
perforated dielectric layer with height ℎ = 3.175 mm and 𝑝 = 0.8 mm.

5.2.3 Determining Effective Relative Permittivity for TM/
TE Waves from Scattering Parameters of Macroscopic
Model

To verify the outcomes of previous section, most importantly to verify the strange
behavior of propagation constant and thereafter effective permittivity for TM0 wave
in the perforated material with 𝑝 = 0.8 mm in frequency region up to 17 GHz
(see Fig. 5.26), we deploy method based on comparison of scattering parameters of
two samples with length difference described in section 5.1.5. The method compen-
sates for negative effects of partial reflections between port parts and the structure
under test. The results of the macroscopic model are influenced by boundary con-
ditions, since open boundaries on three walls are used. Nevertheless, very good
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agreement between independent simulation techniques is obtained (see Fig.5.27),
which proves the decreasing effective permittivity toward lower frequencies as sug-
gested in Fig.5.26.
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Fig. 5.27: Comparison of the effective relative permittivities of two selected geome-
tries as obtained from unit cell analysis and from two sample comparison method.

5.2.4 Summary

The quasi-static theoretical model based on Maxwell-Garnett mixing rules tends to
give useful results even for surface waves on dielectric slabs. As shown in Fig. 5.28
and 5.29, the effective relative permittivity as seen by TE0 surface wave mode can
be approximated with very good agreement by effective permittivity corresponding
to polarization perpendicular to axis of perforations. The approximation is valid
even for 𝑝 = 𝜆0/9.4 (see Fig. 5.29(right)).

On the other hand, we predicted that the effective relative permittivity seen by
propagating TM0 mode to lie somewhere between the limits given by MG model
for parallel and perpendicular polarization, since as has been shown, the TM0 mode
possesses electric field components both with parallel and perpendicular orientation
with respect to axis of perforations. In Fig. 5.28(left) and 5.29 (left), we can see
the 𝜀r,eff to be between the permittivity limits. However, it is interesting that as the
frequency goes higher, the permittivity for parallel polarization prevails (see Fig.
5.29(right)).

The discrepancy between the theoretical model and simulation results at 20 GHz
for period of perforations 𝑝 = 3 mm and for porosities below circa 60 % (i.e. larger
diameter of perforations 𝐷) in Fig. 5.28(left) can be assigned to electromagnetic
bandgap behavior of the structure. At 20 GHz, the 3 mm period corresponds to
electrical length about 𝜆0/5 and the effective media concept is no longer accurate.
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Fig. 5.28: Comparison between theoretical model based on Maxwell-Garnett ap-
proximation and effective relative permittivities as seen by surface wave modes at
10 GHz (left) and 20 GHz (right). Period of perforations 𝑝 = 3 mm. The reason
why for porosities below 50 % (at 20 GHz) the permittivity values for TM waves
exceed the limits, is that the electromagnetic bandgap properties start to be present
in the structure.
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Fig. 5.29: Comparison between theoretical model based on Maxwell-Garnett ap-
proximation and effective relative permittivities as seen by surface wave modes at
10 GHz (left) and 40 GHz (right). Period of perforations 𝑝 = 0.8 mm.
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5.3 Perforated Dielectric Resonator Antennas

The last two sections dealt with perforated dielectric substrates from rather theoret-
ical point of view, the effective relative permittivity as seen by various polarizations
have been determined and simple quasi-static model for effective permittivity pre-
diction has been proved valid also in the microwave region and in case of surface
waves.

In this chapter, we focus on application of perforated substrate to single dielectric
resonator antenna (DRA) elements, we investigate the influence of perforated walls
on resonant frequency, bandwidth and radiation patterns of infinite and finite ground
plane DRAs and we compare these results with homogenized models of perforated
dielectrics, which are computationally much more efficient. We further deal with the
mutual coupling increase between perforated DRA elements caused by excitation of
surface waves on perforated dielectric layer and again we compare the outcomes with
homogenized models as well as with conventional DRA elements operating at the
same frequency.

5.3.1 Single Element Perforated DRA

For analysis of single element perforated dielectric resonator antennas we use rect-
angular shape of dielectric resonator with square footprint. As dielectric material,
we consider dielectric with 𝜀r = 10 and ℎ = 3.175 mm.

We perform the testing for several structures with two different porosities and
compare the results to conventional DRA as well as perforated DRA in which the
perforated substrate is substituted by homogenous equivalent.

The triangular lattice provides larger porosity for certain 𝐷/𝑝 ratio compared
to square lattice and since larger porosity transfers to smaller effective permittivity
(see Fig. 5.30), the triangular lattice is superior to square lattice from this point
of view. In spite of this fact, we decide to use square lattice in our analysis for
the following reason. In triangular lattice, two of the four DRA’s side walls are
perturbed, meaning the boundaries of the dielectric “island” are not uniform and
the perforations create kind of zig-zag pattern (see Fig. 5.31). As a result, the
virtual size of the resonator is changed due to the interfaces with altered properties.
If we consider perforated regions as homogenous equivalents of effective permittivity,
the problem can be also seen as rippled interfaces between two dielectrics (DRA and
its surrounding). In square lattice, this issue does not arise.

The dielectric resonators are created by cylindrical air perforations with diameter
𝐷 = 0.8 mm and 𝐷 = 0.6 mm. We examine the performance for period value
𝑝 = 𝐷 = 0.8 mm, revealing ratios 𝐷/𝑝 = 1 and 𝐷/𝑝 = 0.75, respectively. According
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Fig. 5.30: Effective relative permittivity as a function of 𝐷/𝑝 ratio. Triangular
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Fig. 5.31: Dielectric island (resonator) created by air perforations in triangular lat-
tice (left) and square lattice (right). The ratio 𝐷/𝑝 is in both cases 0.833.

to theoretical model given in section 5.2, we can assume approximate values of
effective relative permittivity for electric field orientation parallel to the axis of
perforations to be 𝜀r,eff = 2.93 and 𝜀r,eff = 5.08. Triangular lattice would decrease
these values to 𝜀r,eff = 1.84 and 𝜀r,eff = 4.32. For E field perpendicular to the axis
of perforations the approximate effective relative permittivities are 𝜀r,eff = 2.18 and
𝜀r,eff = 3.83, for 𝐷/𝑝 = 1 and 𝐷/𝑝 = 0.833, respectively. Again, the values in
triangular lattice would be lower, 𝜀r,eff = 1.48 and 𝜀r,eff = 3.2.

The resonators are fed by short slots in the ground plane and for simplicity we
use discrete ports with 50 Ω impedance for feeding the slots. The length of the slot
is in each case adjusted to provide best impedance matching. To have more realistic
models, we use additional dielectric layer (Arlon 25n, 𝜀r = 3.38, ℎ = 1.524 mm).
This layer is necessary from manufacturing point of view, where microstrip feeding
network for feeding the slots is located here.
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Infinite Ground Plane Performance

In analyzing the performance of perforated DRAs it might be convenient to start
with models including not only infinite ground plane but also infinite perforated
layer surrounding the island resonator. In this way, we can analyze the antenna
elements without the interfering effects of edge diffraction (ground plane edge and
end of perforated dielectric layer). Also, the comparison to traditional DRAs is
simplified in this way.

For this reason, we use absorbing boundaries based on perfectly matched layers
(open boundary in CST MWS) in directions 𝑥 and 𝑦 placed at the edges of the
model (no space between edge and boundary condition). In ±𝑧 directions we use
open boundaries with additional space between the structure and the boundary.

Directivity radiation patterns are given as it is not essential at this step to
include material losses and reflection losses into account analyzing qualitatively the
radiation characteristics of various configurations.

The size of the resonator’s footprint is chosen so that the feeding aperture is
completely hidden under the island of dielectrics and do not exceed to the perforated
region. The structural difference between the holes of the perforated dielectric and
homogenous effective dielectric would cause slight change in the input impedance
of the antenna if the feeding slot exceeded to these areas. The comparison between
perforated and homogenized dielectric would be in that case difficult. It also means
that the antennas are not always perfectly matched to the input ports. For better
matching, the slots would in some cases need to exceed the footprint of the resonator.
The geometry of the DRA embedded in homogenized dielectric layer can be found
in Fig. 5.32.

A

A

la

w

w

A-A

3.175 mm

1.524 mm

Homogenized dielectric layer, εr = εr,eff

Dielectric resonator
εr = 10

Feeding aperture

Substrate, εr = 3.38 

wa

GND plane

Input port 

x

yz

Fig. 5.32: Geometry of the DRA embedded in homogenized dielectric layer with
equivalent properties to the perforated DRA in Fig. 5.31.
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The first resonator to be analyzed is formed by a dielectric island of width 𝑤 =
5.6 mm, i.e. 𝑤 = 7𝑝 with lattice parameters 𝐷 = 𝑝 = 0.8 mm, revealing approximate
value of homogenous equivalent effective relative permittivity in the range of 𝜀r,eff =
2.18 − 2.93. It is shown that the homogenous model approximates the perforated
substrate most accurately when 𝜀r,eff = 2.85. This result confirms the finding that
the effective permittivity for the TM0 wave is much closer to the upper limit of the
permittivity range, since the TE111 mode of the dielectric resonator has very similar
field distribution as a half period of TM0 wave (E field has component perpendicular
and also parallel to the axis of perforations).

We proceed with slight change of lattice parameters to 𝐷 = 0.6 mm and 𝑝 =
0.8 mm, resulting in width of the dielectric island 𝑤 = 5.8 mm (i.e. 7𝑝 + (𝑝 − 𝐷)).
The maximum 𝜀r,eff for such lattice is 5.08, but the best match between perforated
dielectric and its homogenous equivalent is observed for 𝜀r,eff = 5.5. This suggest,
that the homogenous surrounding alone is not sufficient to explain the frequency
shift of the resonance, but the shift is also caused by irregular walls created by
the perforations which make the island somewhat larger in size, thus the frequency
shift to lower frequencies can be explained as a combination of the effect of slightly
enlarged resonator and the effect of surrounding material with certain material per-
mittivity. However, these two effects cannot be separated and analyzed separately
and they both increase the virtual size of the antenna (width 𝑤).

The reflection coefficients comparing perforated DRA and square DRA embedded
in homogenous equivalent dielectric are given in Fig. 5.33. The effective permittivi-
ties of homogenous equivalents are found by comparison to the reference perforated
DRA model, that is, we simply tune the relative permittivity of the homogenous
dielectric layer up to the value, where the resonant frequency equals resonant fre-
quency of the perforated DRA (identical dimensions of the feeding aperture are
used). For shape simplification we proceed with smooth wall DRA embedded inside
higher 𝜀r,eff dielectric material.

Considering radiation patterns, the comparison for perforated and homogenized
surrounding of the DRA element is given in Fig. 5.35 and 5.36 for E-plane and H-
plane respectively. We see the homogenized model gives a difference about 0.2 dB
in broadside direction and about 0.5 dB for endfire radiation (𝑡ℎ𝑒𝑡𝑎 = ±90∘) in
the limit case 𝐷/𝑝 = 1. For manufacturable lattice in which 𝐷/𝑝 ratio is 0.75, the
agreement is even better, 0.1 dB in broadside and 0.4 dB in the endfire direction.
The radiation in the H-plane (see Fig. 5.36) is almost unaffected by the increased
permittivity of the surrounding dielectric material. The antenna orientation within
spherical coordinate system is given in Fig. 5.34.

We study the effects of homogenous equivalent surrounding the dielectric res-
onators on radiation patterns and resonant frequency, we start with 𝜀r,eff = 1, which
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Fig. 5.34: Spherical coordinate system and antenna alignment.

corresponds to conventional air surrounded DRA element, we increase gradually the
value up to 𝜀r,eff = 5. By varying the relative permittivity 𝜀r,eff we are detuning the
element at the same time. To have a valid comparison on the variation of resonant
frequency with 𝜀r,eff , we change the input port impedance to match the impedance
of the detuned element for each 𝜀r,eff value. For completeness we also give the input
impedance for each 𝜀r,eff value (see Fig. 5.37).

Finite Ground Plane Effects

In the analysis of perforated DRAs on infinite ground covered by infinite perforated
dielectric layer, we can directly see how the energy is trapped in the substrate,
creating two lobes in the plane of the ground (Fig. 5.35). Nevertheless in reality,
the perforated dielectric layer as well as the conductive ground is terminated at
some point and moreover, the size of those layers does not have to be identical. The
trapped, surface waves are then sources of diffraction at the mentioned terminations.

The assumption here is that the perforated layer around the dielectric resonator
highlights the ground plane effects, since more energy is directed towards the edges
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Fig. 5.35: E-plane radiation patterns for infinite ground plane for the case 𝐷/𝑝 = 1
(left) and 𝐷/𝑝 = 0.75 (right) comparing radiation patterns of perforated DRA and
DRA surrounded by homogenized material.
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Fig. 5.36: H-plane radiation patterns for infinite ground plane for the case 𝐷/𝑝 = 1
(left) and 𝐷/𝑝 = 0.75 (right).
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tive relative permittivity 𝜀r,eff for DRA in homogenized dielectric model. Parameters
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127



Chapter 5: Perforated Dielectrics

compared to the broadside direction (perpendicular to the ground). The level or
ripples, particularly in the E-plane radiation pattern should be higher, than in case
of conventional DRA. We do the comparison for several different sizes of the ground
plane. In our simulations, the size of the perforated dielectric layer copies the size of
the ground plane; however, in general the perforated dielectric layer can be smaller.
The geometry of the DRA elements is the same as in previous section. We should
mention that the finite ground plane can also influence the impedance characteristics
of the antenna, however this happens only if the ground plane is not sufficiently large.
As we choose the minimum ground plane size to be 𝑔𝑛𝑑 = 60 mm, which is about
2𝜆0 we do not have to deal with this issue.
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Fig. 5.38: E-plane radiation patterns (directivity) of finite ground plane DRA for
the upper hemisphere (−90∘ < 𝑡ℎ𝑒𝑡𝑎 < 90∘) for conventional rectangular DRA (top
left), perforated DRA with 𝐷/𝑝 = 1 (top right) and with 𝐷/𝑝 = 0.75 (bottom). As
the effective permittivity of the surrounding is larger (smaller 𝐷/𝑝 ratio), more of
the energy propagates along the substrate, towards the edges. The result is increased
ripples in the far-field.
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Fig. 5.39: H-plane radiation patterns (Directivity) of finite ground plane DRA for
the upper hemisphere (−90∘ < 𝑡ℎ𝑒𝑡𝑎 < 90∘) for conventional rectangular DRA (top
left), perforated DRA with 𝐷/𝑝 = 1 (top right) and with 𝐷/𝑝 = 0.75 (bottom).

5.3.2 Mutual Coupling Between Perforated DRA Elements

Mutual coupling between perforated DRA elements is studied through transmission
coefficients between two elements. We evaluate the coupling in both E-plane and
H-plane of the resonators and for this; we use models with perforations in dielectrics
instead of homogenized models.

We examine the coupling for two sets of square lattice parameters, first 𝐷/𝑝

ratio is set to 1 (𝑓 = 0.79, 𝜀r,eff,‖ = 2.93) and then to 0.75 (𝑓 = 0.44, 𝜀r,eff,‖ = 5.9),
which are the same values as have been used in single element characterization.
The hole diameter and period in these cases are 𝐷 = 0.8 mm and 𝑝 = 0.8 mm for
𝐷/𝑝 = 1 mm and 𝐷 = 0.6 mm and 𝑝 = 0.8 mm for 𝐷/𝑝 = 0.75. The resonant
frequency of dielectric resonators for 𝐷/𝑝 = 1 is 𝑓r = 10.95 GHz and for 𝐷/𝑝 = 0.75
it is 𝑓𝑟 = 9.7 GHz.

The absolute distance between adjacent walls of the resonators (see Fig. 5.40)
is selected to be an integer multiple of perforation period 𝑝 = 0.8 mm (𝑛 · 𝑝, 𝑛 =
1, 2, 3. . . ). For number of perforations between the elements we choose a range 𝑛 = 3
to 33, i.e from 𝑛 · 𝑝 = 2.4 mm to 𝑛 · 𝑝 = 26.4 mm. The inter-element separation
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𝑠 for certain number of perforations between the resonators 𝑛 is then calculated as
𝑠 = 𝑤+𝑛·𝑝, where 𝑤 is the width of the resonator (see Fig. 5.32), since 𝑠 determines
the distance between the centers of resonators and not between their edges. The
separation distance 𝑠 for resonators on lattice with 𝐷/𝑝 = 1 (𝑤 = 5.6 mm) thus
ranges between 8 mm and 32 mm. Considering the center frequency 10.95 GHz,
the separation distance in terms of free space wavelengths (𝜆0 = 27.4 mm) is in the
range 𝑠 = 0.29𝜆0 to 𝑠 = 1.17𝜆0.

For lattice ratio 𝐷/𝑝 = 0.75, the width of the resonators is slightly larger 𝑤 =
5.8 mm and 𝑠 is in the range 8.2 - 32.2 mm. Since the resonant frequency is lower
for this lattice, i.e. 𝑓r = 9.7 GHz, the free space wavelength is 𝜆0 = 30.9 mm and
the range of 𝑠 in wavelengths is 𝑠 = 0.27𝜆0 to 𝑠 = 1.04𝜆0.

As a reference structure, we use conventional DRA elements with ℎ = 3.175 mm
and 𝑤 = 5.6 mm. The resonant frequency corresponding to these dimensions and
dielectric material with 𝜀r = 10 is 𝑓r = 12 GHz. We do not tune the element to the
same resonant frequency as perforated DRA, since this would mean changed aspect
ratio, which we want to avoid.

As we use the same range of spacing as in case of perforated DRAs, the 𝑠 ranges
between 𝑠 = 0.32𝜆0 to 𝑠 = 1.28𝜆0. The results of transmission coefficient of res-
onators aligned in the E-plane for reference elements as well as for two different
perforated elements can be found in Fig. 5.41. We can see that at spacing 𝑠 < 0.5𝜆0,
there is no performance degradation in terms of mutual coupling, on the contrary,
the mutual coupling is even reduced between perforated DRAs compared to stan-
dard DRAs. In the region 𝑠 < 0.5𝜆0 the transmission coefficient shows the lowest
value in case of largest effective permittivity of the medium in between (𝐷/𝑝 = 0.75).
For approximately 𝑠 > 0.5𝜆0, the mutual coupling is getting larger as the perfora-
tions have smaller diameters (i.e. smaller 𝐷/𝑝 ratio). For elements separated by
distance 𝑠 = 1𝜆0, causes the perforated substrate with 𝐷/𝑝 = 0.75 mutual cou-
pling increase by 5.1 dB. Even the theoretical lattice with 𝐷/𝑝 = 0.75 increases the
mutual coupling by more than 3 dB (also for 𝑠 = 1𝜆0).

We can sum up the results by stating, that in vary small arrays (e.g. 2x1, 2x2),
the mutual coupling would not cause any significant degradation of the antenna array
impedance characteristics. However, the radiation pattern would be still influenced
because of the surface wave excitation and subsequent edge diffraction. On the
other hand, for larger arrays, the mutual coupling between non-adjacent elements is
significantly increased and the final gain of the antenna array can thus be reduced.
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Fig. 5.40: Perforated dielectric resonators arranged in H-plane (left) and in E-plane
(right). Separation distance 𝑠 is the crucial parameter.
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Fig. 5.41: Transmission coefficient between two resonators aligned in the E-plane
comparing conventional DRA elements with 𝑓r = 12 GHz (black), perforated DRAs
with 𝐷/𝑝 = 1 𝑓r = 10.95 GHz (blue) and finally perforated DRAs with 𝐷/𝑝 = 1
𝑓r = 9.7 GHz (red). Inter-element distance 𝑠 is plot in free space wavelengths at
given resonant frequencies of individual antennas.

5.3.3 Design for Manufacturing

We slightly modify the perforated DRA models from previous section to conform to
the manufacturing process. This means adjusting the grid parameters 𝑝 and 𝐷 and
the dimensions of the resonators (i.e. 𝑤) accordingly. Also, in the previous section
we considered the ground plane to be infinite; however, in final model we design
the size of the ground plane so that it has negligible influence on the scattering
parameters results. The ground plane edges are thus part of the simulation model.

The parameters of the perforations are 𝑝 = 1.15 mm and 𝐷 = 1 mm resulting
in 𝐷/𝑝 = 0.867. This 𝐷/𝑝 ratio corresponds to porosity 𝑓 = 0.6 and effective
relative permittivity for parallel and perpendicular polarizations 𝜀r,eff,‖ = 4.59 and
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𝜀r,eff,‖ = 3.4, respectively. The width of the perforated square DRA is 𝑤 = 8.2 mm
and height ℎ = 3.175 mm. The resonant frequency corresponding to this geometry
is 8.45 GHz.

The reference structures (i.e. conventional square-footprint DRAs) posses the
same aspect ratio as the perforated DRAs and since the possible height of the
resonators is fixed (one substrate layer ℎ = 3.175 mm), we select 𝑤 = 8.2 mm.
However, due to changed surrounding of the resonators (air in this case and perfo-
rated substrate in the previous case), the resonant frequency is shifted upward to
8.85 GHz.

The simulation results of reflection and transmission coefficient for the resonators
aligned in the E-plane and with spacing 𝜆/2 and 𝜆 can be found in Fig. 5.42 for
perforated DRAs and in Fig. 5.43 for reference DRAs. The separation distances in
wavelengths correspond to central frequencies of the structures; hence the absolute
distances are not identical.
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Fig. 5.42: Reflection and transmission coefficient for perforated DRAs aligned in
their E-plane for two inter-element distances 𝑠 = 𝜆/2 (left) and 𝑠 = 𝜆 (right).
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Fig. 5.43: Reflection and transmission coefficient for conventional DRAs aligned in
their E-plane for two inter-element distances 𝑠 = 𝜆/2 (left) and 𝑠 = 𝜆 (right).

132



Chapter 5: Perforated Dielectrics

5.3.4 Experimental Validation

In experimental verification, we focus on the resonant frequency shift caused by the
perforated walls around the resonator. But what is more important, we confirm
by experiment the mutual coupling increase due to surface wave excitation on the
perforated dielectric slab, which is formed by the perforated substrate between the
elements. As a reference, we manufacture conventional DRAs with the same aspect
ratios as have the perforated DRA elements and with little higher resonant frequency
due to the absence of perforated material around the resonator. The comparison
between transmission coefficients is then done on electrical distance basis, instead
of absolute distance. It follows that we measure only scattering parameters and are
not concerned with radiation patterns.

The samples of perforated DRAs are fabricated by perforating the microwave
substrate Arlon 1000 with 𝜀r = 10, tan𝛿 = 0.003 and thickness ℎ = 3.175 mm.
The perforations are created by drilling into the substrate with drill hole of 1 mm
and period of square lattice 𝑝 = 1.15 mm revealing 𝐷/𝑝 ratio 0.869. The overall
dimensions of the perforated dielectric layer are the same as the size of the ground
plane, thus the ground plane is covered by perforated dielectric up to its edges.

We measure the transmission coefficient for two configurations of the resonators;
the resonators are aligned in their E-planes, since coupling in this plane is critical
compared to H-plane. The inter-element separation 𝑠 must be an integer multiple
of perforation period 𝑝 (i.e. 𝑠 = 𝑛 · 𝑝, 𝑛 = 1,2,3. . . ). We select two separation 𝑠

values so that we have approximately 𝑠 = 𝜆0/2 and 𝑠 = 𝜆0; this occurs for 𝑛 = 15
and 𝑛 = 30 considering 8.45 GHz central frequency (𝜆0 = 35.5 mm). The exact
separation distances in terms of free-space wavelengths are 0.486𝜆0 and 0.972𝜆0,
respectively.

In manufacturing of the reference antennas we are not limited by the period
of perforations, thus the separation distances are exactly 𝜆0/2 and 𝜆0, at central
frequency determined from simulations 𝑓r = 8.83 GHz (𝜆0 = 34 mm).

The measured results of reflection coefficients S11, S22 and of transmission co-
efficient S21 of reference antennas show small down-shift in resonant frequency to
8.66 GHz, compared to the simulations 8.85 GHz (i.e. 2.2 %). This resonant fre-
quency down-shift is more pronounced in perforated DRA elements, the measured
resonant frequency is only 8.1 GHz, compared to simulated 8.45 GHz (i.e. 4.2 %).

Measurement results are given in Fig. 5.44 and 5.45 and comparison with simu-
lation results of transmission coefficient in Fig. 5.46. Very good agreement between
simulation and measurement can be seen.

Aside fabrication tolerances, this frequency shift can be explained by tolerances
in relative permittivity of the dielectric layer. It would also explain, why the resonant
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frequency shift is larger in perforated DRA structure, since in this case, the larger
permittivity also affects the surrounding of the antenna (i.e. perforated dielectric).
The photographs of the fabricated antennas are given in Fig. 5.47 to 5.49.
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Fig. 5.44: Measured reflection and transmission coefficient for perforated DRAs
aligned in the E-plane for two separation distances 𝑠 = 𝜆/2 (left) and 𝑠 = 𝜆 (right).
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Fig. 5.45: Measured reflection and transmission coefficient for conventional DRAs
aligned in their E-plane for two separation distances 𝑠 = 𝜆/2 (left) and 𝑠 = 𝜆 (right).
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Fig. 5.46: Simulated and measured results of |S21|, comparing conventional DRAs
with perforated DRAs. Slight increase of |S21| in simulation results of perforated
DRAs (blue) is caused by a standing surface wave excited in the perforated substrate.
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Fig. 5.47: Manufactured prototype of the perforated DRAs (left), with feeding aper-
tures (right).

Fig. 5.48: Manufactured prototype of the reference DRAs with 1𝜆 spacing (left),
microstrip feeding lines (right).

Fig. 5.49: Manufactured prototype of the perforated DRAs with 1𝜆 spacing and
with holding screws made from plastic (right).
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5.3.5 Summary

Perforating a substrate layer and creating dielectric islands is a very interesting tech-
nique of manufacturing DRA arrays. We have shown, how the perforated substrate
surrounding the resonator alters the performance of the single element antenna in
terms of resonant frequency and radiation patterns. For the performance assess-
ment we used two type of models, first, actual model of perforated material and
second, the homogenized layer with effective permittivity determined by equations
from previous sections.

Considering the mutual coupling, we can sum up the results of this section by
stating, that in vary small arrays with small separation distance between the ele-
ments (e.g. 2x1, 2x2), the mutual coupling would not cause any significant degrada-
tion of the antenna array impedance characteristics. However, the radiation pattern
would be still influenced because of the surface wave excitation and subsequent edge
diffraction. On the other hand, for larger arrays, the mutual coupling between non-
adjacent elements is significantly increased and the final gain of the antenna array
can thus be reduced.

The perforated substrate with 𝐷/𝑝 = 0.87 used in the final simulations as well
as in the experiments has shown approximate effective relative permittivity (parallel
polarization) of 𝜀r,eff,‖ = 4.6. Due to this fact, the coupling between the elements
aligned in the E-plane increased by 1 dB at separation distance 0.5𝜆0 and by 4.5 dB
at separation distance 1𝜆0.
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The original contributions of the thesis, as pointed out in the Chapter 2, lie in the
areas of enhanced gain DRA elements based on the higher-order mode excitation,
mutual coupling between HO mode resonators and last but not least, in the area of
perforated dielectrics and perforated DRAs.

We have proposed rectangular and cylindrical DRA elements operating with
modes TE133 and HEM133, respectively. The antennas were configured as simple
shaped resonators placed on top of a conductive ground plane. It turned out that
the size of the ground plane had non-negligible influence on the maximum achiev-
able gain. We optimized the antennas for maximum gain and we obtained optimum
aspect ratios of the basic shapes that maximize the gain. Certain aspect ratios
enabled simultaneous excitation of other HO modes thus improving the impedance
bandwidth; however, it did not improve the bandwidth of the enhanced gain fre-
quency region. With fabricated prototypes of proposed antennas we have achieved
maximum gains of 11.6 dBi for cylindrical and 11.9 dB for rectangular DRAs, reveal-
ing about 5.6 dB and 5.9 dB gain improvement compared to fundamental, broadside
radiating modes of given resonators.

By introducing a small air gap between the cylindrical resonator and its ground
plane, we were able to further increase the gain from 11.6 dBi to 13.2 dBi. The
common disadvantage of our HO mode solutions is their limited bandwidth. Even
though the resonators were built from material with 𝜀r = 6.15, the impedance
bandwidth was only about 3 %. This bandwidth was extended by excitation of
other HO modes in resonator with square footprint; however, the main limitation
remained the reduced bandwidth of enhanced gain region.

The concept of cylindrical HEM133 mode antenna was utilized for design of mm-
wave directive, SIW-fed DRA based on LTCC manufacturing technology at fre-
quency about 26 GHz. Very low losses of the LTCC dielectrics resulted in high
radiation efficiency of 87 %. Moreover, due to very good shape accuracy of LTCC
technology we obtained excellent agreement between simulations and measurements.

In Chapter 4 we shifted our attention to the evaluation of mutual coupling be-
tween rectangular dielectric resonators operating with HO modes intended for gain
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enhancement. We worked with modes TE113, TE115 and finally with the TE133.
Resonators excited with TE113, TE115 modes turned out to be suitable elements for
antenna array applications. Moreover, both modes showed reduced coupling lev-
els compared to fundamental mode DRAs, which makes them interesting for dense
array applications. For example TE113 mode showed reduced mutual coupling by
12 dB factor in case of separation distance 0.5𝜆0 compared to fundamental TE111

mode. Excitation of HO mode can thus represent a new mutual coupling reduction
technique. Considering TE133 mode, due to physical size and the large side-lobes in
the E-plane, the element is not suitable for 2D antenna arrays; however, in case of
1D, H-plane antenna arrays, the element gives very similar mutual coupling levels
as the fundamental mode DRAs (i.e. TE111).

The third part (Chapter 5) of the thesis is focused on perforated dielectrics and
perforated DRAs. Analytical model based on quasi-static approximation and on
Maxwell-Garnett mixing rules is given and evaluated at microwave frequency bands
for TEM wave. Compered to models in the open literature, our model respects the
anisotropic properties of the perforated dielectrics and can be directly used to predict
properties of perforated dielectrics in various antenna and propagation application
areas, e.g. analysis and design of reflectarrays, transmitarrays, planar lenses and
other transformation optics devices.

We extend the analysis to propagation of surface waves on perforated substrates.
We determined the effective relative permittivities as seen by TM0 and TE0 surface
wave modes and we successfully used the model derived for TEM wave to pose the
limits for TM0 and TE0 mode relative permittivities of perforated substrate.

Last, we dealt with the perforated DRAs, we examine the behavior of single
element radiators and we verify the usability of effective permittivity models. Res-
onant frequency shift due to the perforated surrounding of the DRA, instead of air,
is investigated as well as the radiation pattern modification caused by edge diffrac-
tion of surface waves. We tested the mutual coupling between perforated DRs and
we compared the results to conventional DRAs. For porosity of 87 % the mutual
coupling increased by only 1 dB factor for perforated DRs 0.5𝜆0 apart; however, the
increase was almost 5 dB for 1𝜆0 separation, which proved that the surface waves in
perforated substrate increase the coupling levels among the elements of perforated
antenna arrays.

Many interesting areas for a future research open up based on the work presented
in this thesis . Considering the HO modes for gain enhancement, important issues
are related to extending the bandwidth of the elements. One hint given in Chapter
3 is a controlled excitation of modes TE133 and TE115 close to each other in the
frequency spectrum. Both modes can provide enhanced directivity if the aspect
ratio is suitably selected. Another interesting research direction is the excitation
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of dual linear polarization and eventually circular polarization in such resonators.
Hybrid and reconfigurable designs might also be relevant.

In relation to Chapter 4 antenna array design with HO mode elements is very
promising. Due to the directive radiation patterns of the single elements, limited
use in scanning arrays seems also possible. If working with the TE133 mode, we can
reduce the size of the array by factor of 4, since the HO mode provides about 6 dB
higher gain compared to conventional TE111 mode DRA.

The analytical description of perforated dielectrics for permittivity reduction at
microwave frequencies seems to be completely lacking in the open literature. Inclu-
sion of the losses into the models deployed in this thesis would be very practical. The
perforated dielectrics can be used for design of polarization sensitive devices (each
polarization see slightly different relative permittivity). Investigation of different
shapes and grids of perforations might also be interesting. Possible gain reduction
of perforated DRA and DRA arrays due to surface waves should also be examined.
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